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ABSTRACT 

 

 

 

Hamidi, Ehsan. Ph.D., Purdue University, December 2010. Photonic Processing of Ultra-

broadband Radio Frequency Waveforms. Major Professor: Andrew M. Weiner. 

 

 

 

Photonic processing has been significantly explored in the past few decades to 

process electrical signals; however, photonic processing of ultra-broadband signals with 

bandwidths in excess of multi GHz and large fractional bandwidth has been less 

investigated with minimal attention given to time domain aspects. Moreover photonic 

processing benefits from properties such as large bandwidth, immunity to electromagnetic 

interference, tunability, and programmability compared to electrical processing. Therefore 

radio frequency photonic techniques can be utilized to enhance the performance of analog 

radio frequency systems in detection and filtering of ultra-broadband signals. 

We present the first implementation of radio frequency photonic matched filter 

based on hyperfine optical pulse shaping to compress ultra-broadband arbitrary radio 

frequency waveforms to their bandwidth limited duration. This filter which has a 

programmable arbitrary frequency response enables real-time fast processing of ultra-

broadband signals. Further more the application of this technique to post-compensate 

broadband antenna’s dispersion will be demonstrated which potentially pushes ultra-

broadband radio frequency systems and radars toward dispersion free performance. 

Finally for the first time tunable programmable microwave photonic filters based on 

optical frequency combs are implemented. These filters have finite impulse response with 

tap weights programmed by arbitrary complex coefficients. The large number of comb 

lines provides more freedom to shape the bandpass filter while tunability is achieved 

using an interferometric scheme.
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1.  INTRODUCTION 
 

 

 

Photonic processing of electrical signals has been investigated for the past three 

decades [1] to enhance the performance of radio frequency (RF) systems, and is 

categorized under RF photonics which is also alternately referred as microwave photonics 

[2]. In early years, RF photonics focused on delay lines with application in phased array 

antennas [3], and developed into versatile techniques as RF photonic filters [4-13], and 

finally RF photonic waveform generators were introduced [14-22]. RF photonics offers 

lot of advantages such as ultra-broad bandwidth, immunity to electromagnetic 

interference, flexibility, low loss, etc. [2].  

During the past decade many photonic techniques have been developed for 

generation of arbitrary RF waveforms with instantaneous bandwidths exceeding the multi 

GHz values available via electronic arbitrary waveform generator (AWG) technology. A 

prominent technique is based on optical spectrum shaping followed by frequency to time 

mapping in a dispersive medium and then optical-to-electrical (O/E) conversion for the 

generation of arbitrary RF electrical waveforms which has demonstrated tens of GHz of 

bandwidth [16, 19]. Later on these photonically generated RF waveforms were used to 

compensate broadband antenna dispersion [23, 24] and to measure antennas’ frequency 

dependent delay [25]. Although a lot of effort has been devoted to the generation of RF 

waveforms via photonic techniques, still practical ways to process and detect ultra-

broadband electrical signals for applications in RF systems are lacking [26]. On the other 

hand, digital ultra-wideband (UWB) receivers which are based on sampling and digital 

signal processing are limited by the analog-to-digital (A/D) converters’ speed and 

dynamic range [27]. Also the state-of-the-art in implementing a UWB receiver is limited 

to bandwidths much less than the UWB frequency band [28]. Hence, photonic processing 
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of RF waveforms is an interesting candidate for processing ultra-broadband electrical 

signals in wireless systems [29]. 

The idea of photonic processing is based on optical processing of broadband 

analog RF signals in optical domain [30]. As Fig. 1.1 depicts, the input RF signal is 

generally modulated onto an optical signal which acts as an optical sampling unit, and 

processing of the signal takes place in the optical domain, followed by an O/E conversion 

in a photodetector (PD) resulting in an output RF signal. The complexity of the 

implemented technique depends on the complexity of the optical sampling and optical 

processing. Variety of optical sources such as continuous wave (CW) laser [5, 8, 11, 12], 

mode-locked laser [4], sliced broadband light [10, 31] and variety of modulation formats 

such as intensity modulation and single-sideband (SSB) modulation have been employed 

to implement the optical sampling unit. 

 

Fig. 1.1  Photonic processing of analog RF signals. PD (Photodetector). 

 

1.1 Waveform Compression by Phase-Only Matched Filtering 

 Optical processing schemes are commonly implemented based on multitap delay 

lines which ultimately result in microwave photonic filters that operate as spectral 

amplitude filters [30]; however, many applications, e. g. waveform compression, require 

spectral phase filters. In fact a waveform spectral phase content plays a more crucial role 

in the time domain shape of a waveform compared to its spectrum amplitude [32].  

One of the areas where processing signals using spectral phase filters becomes 

important is in spectral coding which has been proposed both for optical communication 

systems in [33] and for wireless communication systems in [34]. In this technique which 

is the dual of temporal coding, a data signal is multiplied by a spreading code in the 

frequency domain, as opposed to conventional direct sequence code division multiple 

access (CDMA) systems in which the encoding is in the time domain. As a result, the 
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signal will be spread in time due to arbitrary spectral phase. At the receiver, the received 

signal spectrum is multiplied by the conjugate of the spreading signal spectrum to retrieve 

the data or in other words to decode the signal. Hence this technique requires Fourier 

transform (FT) of signals for processing waveforms since multiplication takes place in the 

frequency domain.  

In optical communication systems, spectral coding has been easily realized 

through FT optical pulse shaping which acts as an optical spectral phase filter [35]. 

Although in wireless communication systems, accessing Fourier transform of signals is 

not easy to achieve and therefore spectral coding and decoding are performed by using 

surface acoustic wave (SAW) devices. Due to difficulties and challenges in fabricating 

SAW correlators, they have been demonstrated only for center frequencies up to 3.63 

GHz with 1.1-GHz bandwidth (BW) which is only 30% fractional bandwidth with 

insertion loss of 23 dB even after accounting for the compression gain [36]. This 

frequency bandwidth is well below the UWB frequency band (3.1-10.6 GHz) allocated by 

the Federal Communications Commission (FCC) [37] and bandwidths accessible via RF 

photonic AWG techniques with almost 200% fractional bandwidth.  

Matched filters are commonly used in communication systems for maximizing the 

signal-to-noise ratio (SNR) of the received signal in presence of additive white Gaussian 

noise [38, 39]. By definition a matched filter is a linear time-invariant filter such that its 

impulse response is a time-reversed version of the specified signal. As we will discuss in 

details later this definition leads to a filter such that its spectral phase response is a 

conjugate of the signal spectral phase. The operation of this filter on the corresponding 

signal without noise results in an output signal which has a linear spectral phase due to 

multiplication in frequency domain. In other words the output waveform will be 

compressed to its bandwidth limited duration. This property of a matched filter can be 

used as a spectral decoding technique in communication systems. The phase only 

matched filters have been already investigated in optics area [40].  

Conventionally a matched filter is implemented via correlation [39] as illustrated 

in Fig. 1.2 in which a received signal, r(t) is multiplied with the specified signal, s(t) and 
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integrated over the time aperture of signal, T with the synchronized timing,  and 

sampled at the output; hence the data rate is limited by the integration time, T. This 

scheme also requires precise synchronization of the locally generated reference signal 

with the received signal [41] and its bandwidth is limited to electronic circuitry [26, 42]. 

Matched filtering of photonically generated waveforms via correlation has been recently 

demonstrated in [43]. 

 
Fig. 1.2  Matched filtering via correlation processing. 

 

In chapter two, we first introduce hyperfine optical pulse shaping which is the 

foundation of our technique for compression and detection of ultra-broadband electrical 

waveform. Based on the configuration in Fig. 1.1, we modulate RF signals onto a CW 

laser using a Mach-Zehnder (MZ) intensity modulator (IM) which maps the RF baseband 

signal into a balanced double-sideband (DSB) passband optical signal around carrier. We 

program the hyperfine optical pulse shaper as a spectral phase filter with the opposite 

spectral phase of a desired signal. Therefore we can uniquely compensate the spectral 

phase of the passband optical signal to a linear spectral phase only if the nonlinear part of 

the desired RF signal spectral phase closely equals to the negative of the nonlinear part of 

the filter spectral phase. A linear spectral phase which corresponds to a bandwidth limited 

pulse will result in a short output electrical pulse after O/E conversion which maps the 

envelope of an optical signal to an electrical signal. Although if the nonlinear portions of 

spectral phases are not exactly equal and opposite, the resulting output signal will be the 

convolution of the input signal and the filter impulse response. Thus the output will not 

be bandwidth limited and in general it will be an arbitrary waveform. We will 

demonstrate the compression of RF electrical signals with spectrum content in excess of 

15 GHz [44]. We also note that our technique is fundamentally different than the 

technique demonstrated in [45] where the compression of waveforms denotes the time 

scaled version of signals. We will also use our technique for real time processing and 
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correlation of pseudorandom (PR) sequences and orthogonal sequences such as 

Hadamard codes.   

 

1.2 Dispersion Compensation of Broadband Antennas 

Interest in UWB systems has grown rapidly due to appealing features such as high 

data rate, multi-access and low probability of intercept communications. The application 

of UWB to ranging and radar has also received attention [46, 47], due to its potential for 

hyperfine range resolution. Although the efficient use of single carrier, large fractional 

bandwidth signals that efficiently utilize the ultrawide bandwidth allocated by FCC [37] 

remains a challenge. Manipulation of large instantaneous bandwidth UWB signals incurs 

challenges related to generation, transmission and detection. 

One of the key limitations in UWB transmission system [42], particularly in line 

of sight (LOS), is signal distortion due to dispersion and frequency dependent 

transmission. Channel non-uniformity assuming no emission regulation is arising from 

non-uniform spectral amplitude response of the channel including the receiver and 

transmitter elements which determines the effective channel bandwidth. To overcome this 

limitation shaping the transmitting signal spectrum has been proposed in [48]. Shaping of 

the power spectrum has been demonstrated by utilizing RF photonic AWG to tailor the 

spectral amplitude of transmitting signals according to UWB emission regulation [49].  

Dispersion due to the nonlinear RF spectral phase response of the transmitter 

and/or receiver elements is the focus of our investigation. In particular, for large 

fractional bandwidth signals, some of antennas utilized in a wireless link may contribute 

very large dispersion to the signal due their physical structure and frequency dependent 

impedance [50, 51]. This problem has been theoretically investigated, and optimization of 

transmit waveforms in order to optimize the received signal amplitude, energy, or 

duration has been analyzed [52]. Recently experiments have been reported in which 

photonically generated UWB RF waveforms were synthesized in order to successfully 

precompensate for antenna dispersion [23, 24]. The application of photonically generated 
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arbitrary waveforms to measure the frequency dependent delay of broadband antennas has 

also been demonstrated [25].  

In principle the precompensation technique relies on the generation of a transmit 

signal shaped according to the time-reversed impulse response of the link. Although in 

point-to-multipoint systems when diversity is present among receivers, e.g. different 

receive antennas, this technique can not compensate all the links simultaneously. 

Furthermore, in the context of wireless communications, when the delay between 

adjacent symbols is less than the time spread of the impulse response, this technique 

requires synthesis of a waveform equal to the coherent combination of two or more 

delayed precompensation waveforms. This adds to the complexity required from the 

AWG and may exceed current capabilities.   

Alternately, real-time post-processing to remove dispersion can be performed at 

the front end of the receiver. This resolves the problems of receiver diversity and AWG 

complexity. Here, by connecting the output of a receiving antenna to a programmable 

UWB phase filter implemented in photonics, we demonstrate compensation of the 

dispersion associated with antennas in a LOS wireless link. In addition, we also 

demonstrate waveform identification functionality through appropriate programming of 

the phase filter.  

The FCC’s regulation on UWB emission includes a constraint on full bandwidth 

peak power, which has been analyzed as a function of repetition rate for various pulse 

bandwidths [53]. It is shown that for repetition rates less than 187.5 kHz, the full 

bandwidth peak power constraint dominates the average power spectral density 

constraint. Therefore, for a fixed bandwidth one may transmit higher energy at the 

allowed peak power by utilizing waveforms that are spread in time by the application of 

spectral phase modulation. 

On the other hand in radar systems where high energy pulses are required at low 

repetition rates, the amplification of large fractional bandwidth pulses becomes a bottle-

neck because of the trade-off between bandwidth and output swing in RF power 

amplifiers. In order to increase the pulse energy at a fixed peak voltage, bandwidth 
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limited pulses are commonly replaced by spread-time waveforms which are spectrally 

phase modulated, e.g. linear chirp [54]. Conventionally the return signal is correlated 

with a replica of the transmit signal to obtain compression and realize the ultimate range 

resolution. Although this scheme requires accurate timing between received waveforms 

and reference signals and must be performed in multiple shots or in multi-channel 

processors [54] in absence of prior knowledge of return signal delay. These problems are 

particularly difficult when the bandwidths are very large.  A different solution is to use a 

real-time spectral phase filter, which cancels the spectral phase of the waveform. This 

compresses the waveform to the bandwidth limit, which can be used to improve SNR 

and better resolve closely spaced return signals. In this context we further demonstrate 

compression of arbitrary waveforms by simultaneously phase compensating the 

waveform itself and dispersion compensating the wireless link [55]. 

In chapter three, we utilize the technique introduced in chapter two for the 

dispersion compensation of wireless links caused by the nonlinear spectral phase of 

broadband antennas. We demonstrate how we compress a chirp impulse response of a 

pair of ridged TEM (Transverse Electromagnetic) horn antennas in LOS to its bandwidth 

limited duration after the receiving antenna. Therefore we are able to overcome the 

antenna’s introduced distortion. This technique improves the time domain resolution 

which can increase the range resolution of ultra-broadband radars while combined with 

the matched filtering scheme it enables real-time processing of received signals in radars 

[55].  

 

1.3 Tunable Programmable Microwave Photonic Filters 

Microwave filter design area has been conventionally the focus of implementation 

of electrical filters for different applications in communication systems. Although there 

have been significant advances in this area, still there are desired filter properties that can 

not be achieved simultaneously. The trade-off among different filter aspects sets 

constraints on the state-of-the-art filters. Filter sharpness, selectivity, loss, tunability, 
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programmability and noise figure are some of the most important filter parameters [56]. 

Here we briefly review the current technology in microwave filter design.  

High selectivity and sharpness require high order filter which results in high loss. 

These high order filters are usually not programmable or tunable; however, they can be 

slightly altered after fabrication, for example by introducing a metal rod into a filter 

resonator the center frequency of the bandpass filter can be adjusted. As an example, an 

eight-pole filter based on microstrip technology has been demonstrated in [57].  

In order to overcome high loss, the application of high temperature 

superconductors has led into extremely low loss, highly selective and sharp filters. A 

filter with twenty poles has been reported in [58]. As we notice achieving high selectivity 

with low loss requires high quality factor components which prevents us from fabricating 

tunable filters. 

The implementation of tunable filters in microwave engineering mainly relies on 

Micro-Electro-Mechanical Systems (MEMS) technology. Although these filters can 

achieve a large tunable range with a reasonable loss, their orders usually do not exceed 

few poles and as a result the filter passband can not be configured to a great extent [59, 

60].  

In summary implementation of programmable tunable filters with high selectivity 

and sharpness and low loss remains a challenge in microwave filter design. High 

selectivity and sharpness require high order filters which results in high loss. To obtain 

low loss filters, utilization of high quality factor components becomes essential; however, 

tunable components generally have low quality factors. Therefore there has been growing 

interest in microwave photonic filters in the past few decades due to their 

programmability and tunability over a large bandwidth. The dominant schemes in 

microwave photonic filters are based on multitap filters which are discussed in following.      

The multitap delay line concept is the basis of two most common categories of 

microwave photonic filters [30]. In the first scheme which is shown in Fig. 1.3, the RF 

signal is modulated onto an optical source and then demultiplexed into a number of 

physical optical delay lines. The outputs are multiplexed together and fed into a PD to 
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convert the optical signal to an electrical signal. In order to have a configuration free from 

environmental effects and thus stable and repeatable performance, the source coherence 

time is chosen much smaller than the differential delay between taps, resulting in an 

incoherent regime in which the photodetector output is the sum of the optical powers of 

the filter samples. Although the shape of the filter transfer function can be programmed 

by adjusting the tap weights, generally the peak of the bandpass is set by the differential 

delay between taps and may not be tuned. The resulting filter impulse response is given 

by 

 



N

k
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where T is the differential delay between taps and ak’s are the tap coefficients. Here we 

note that since a tap weight is proportional to power intensity it can only take a definite 

positive value. Hence only filters with impulse responses which sample by positive 

coefficients can be implemented through this scheme. By Fourier transformation of the 

impulse response we obtain the frequency response of the filter as 
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Fig. 1.3  Multitap microwave photonic filter (adapted from [30]). 
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The above expression represents a transfer function with a periodic spectral 

characteristic as shown in Fig. 1.4. The filter free spectral range (FSR) is inversely 

proportional to the tap delay spacing T and the bandpass full width at half maximum 

(FWHM) is given by 

  
Q

FSR
FWHM   (1.3) 

where Q is the quality factor which relates to the number of taps and for uniformly 

weighted taps is approximately equals to the number of taps N. We note that the bandpass 

center can be tuned by controlling the delay T. As we notice, the filter bandpass 

characteristic may be controlled by adjusting the taps’ weights. 

A multitap microwave photonic filter can be also implemented based on the 

configuration shown in Fig. 1.5 which has been explored more recently. In this scheme 

the delay lines are replaced by an optical source comprising multiple optical frequencies 

and a dispersive medium. Each optical carrier experiences a wavelength dependent delay 

due to the medium dispersion. By equally spacing of the carriers in frequency, taps with 

equal delay spacing will be obtained. The weight of each tap can be adjusted by 

controlling the intensity of corresponding carrier. We may characterize the performance 

of the filter similar to the foregoing analysis, and we can show the impulse response of 

the filter is given by (1.1) where ak’s are the intensity of optical carriers.  

 
Fig. 1.4 A multitap microwave photonic filter transfer function (adapted from [30]). 

 

The multiple frequency source has been implemented by using a mode-locked 

laser, by combining a few CW sources, or a spectrally sliced broadband source. Due to 

cost, it is difficult to reach a large number of taps by combining many CW lasers. Slicing 
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the spectrum of a broadband source was proposed to resolve this problem; however, this 

technique still doesn’t provide means to tune the filter while it suffers from dispersion 

induced distortion due to finite spectral width of the slices.   

 
Fig. 1.5  Multitap microwave photonic filter based on multiple CW lasers (adapted from 

[30]). 

 

Lot of effort has been made in the past couple of years to implement tunable 

filters free of baseband response. Some of these techniques have been based on adjusting 

the filter FSR to achieve tunability; however, these schemes still suffer from the baseband 

response and filter tuning alters the bandpass shape [4]. Some other techniques can 

achieve tunability without the baseband response but their tunability is in discrete steps 

[8]. Techniques based on stimulated Brillouin scattering can obtain complex coefficient 

taps, resulting in tuning. Although such schemes are complicated by the need to generate 

multiple interacting optical waves and require rather high optical powers to pump the 

nonlinear interaction [11]. Most recently a narrow band optical filter implemented by a 

phase-shifted fiber Bragg grating has been used to impose a variable phase on the optical 

carrier with respect to the sideband by controlling the carrier frequency [12], or cross-

polarization of the sideband and the carrier has been used to impose a programmable 

phase on the sideband by a spatial light modulator (SLM) [13]. Thus far these schemes 

have not been shown to scale to a substantial number of filter taps. 

In chapter four, we will focus on tunable filters with programmable bandpass 

amplitude where we introduce tunable programmable microwave photonic filters based 
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on optical frequency combs. As depicted in Fig. 1.1 we employ optical frequency comb 

combined with a Lithium Niobate MZ modulator which acts as an optical sampling unit. 

A dispersive medium such as single mode fiber (SMF) before the photodiode (PD) 

imposes a wavelength dependent delay on the comb lines which serve as filter taps. The 

application of optical frequency combs benefits from large number of lines that can be 

scaled to a larger number of lines without significant additional complexity resulting in 

multitap microwave photonic filters with large number of taps. We will introduce line-by-

line optical pulse shaping as a tool for controlling the intensity of individual comb lines 

which enables shaping the bandpass of resulting microwave photonic filters. The line-by-

line optical pulse shaping is based on high resolution Fourier transform optical pulse 

shaper using diffraction gratings. To achieve filter tunability we will employ a novel 

interferometric scheme which introduces a linearly incremental programmable phase 

across taps by controlling an optical delay resulting in a tunable filter [61].    

 

1.4 Concluding Additions 

In chapter five, we will provide a summary of techniques which we have 

developed and demonstrated. We will describe their importance and possibilities where 

they can be utilized to improve the technology. We will briefly point out future research 

opportunities in the field of photonic processing of RF signals and we will also explain 

the possibility of using other technologies in the aforementioned techniques to improve 

their performance, to integrate and to optimize important parameters such as loss, size, 

nonlinearity, bandwidth, stability, etc. 

There are four appendices which are devoted for further details and discussions 

which didn’t seem necessary in the body of chapters. Appendix A deals with the 

theoretical derivation of matched filtering parameters for periodic chirp waveforms with 

100% duty cycle. Appendix B investigates the effect of unbalanced DSB modulation on 

the performance of microwave photonic filters introduced in chapter four through 

derivation, experiment and simulation. Appendix C provides a complete derivation of 

microwave photonic filters’ RF gain in different configurations introduced in chapter 
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four. Appendix D discusses the filter parameters such as sidelobe suppression (SLS) and 

3-dB bandwidth for a Gaussian profile comb with respect to the number of comb lines 

and apodization through simulation.  
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2.  RADIO FREQUENCY PHOTONIC MATCHED FILTER 

 

 

 
We experimentally demonstrate, for the first time, the application of RF photonic 

phase filters to realize programmable pulse compression of ultra-broadband RF electrical 

waveforms with almost 200% fractional bandwidth through time-invariant matched 

filtering. To be able to test our implemented RF photonic matched filter we need to 

generate ultra-broadband arbitrary RF waveforms. We also generate these waveforms 

photonically. This results in the first demonstration of fully photonic generation and 

compression of ultra-broadband RF waveforms [44].  

Fig. 2.1 shows a block diagram of a fully photonic generation and compression of 

ultra-broadband RF waveforms using programmable optical pulse shaping. Arbitrary 

ultra-broadband RF waveforms are generated by the technique in [19] and then 

compressed using RF photonic phase filters demonstrated in [9].  

 
Fig. 2.1  Photonic generation and compression of ultra-broadband RF waveforms. 

 

To be able to process ultra-broadband RF signals modulated over optical source 

we need hyperfine optical pulse shapers which their configuration and implementation are 

as follows. 

 

2.1 Hyperfine Fourier Transform Optical Pulse Shaping 

In this section we review FT optical pulse shaper which is the core of our 

experimental setup. Conventionally diffraction gratings have been used as an angular 
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disperser in optical pulse shapers; however, an optical pulse shaper spectral resolution is 

limited by the low angular dispersion of diffraction gratings. In following we will 

introduce a highly dispersive device named Virtually Imaged Phased Array (VIPA) [62] 

which we use to implement a hyperfine optical pulse shaper.  

 

2.1.1 Virtually imaged phased array (VIPA)  

VIPA is a side-entrance etalon cavity that achieves angular dispersion through 

multiple beam interference. VIPA has advantages compared to conventional dispersers, 

like diffraction gratings, such as polarization insensitivity, compactness, larger angular 

dispersion, and finer spectral resolution [62]. VIPA is composed of two reflective 

surfaces with a different reflectivity coating. The surface on incident side has an almost 

100% reflectivity, except for a small window which is anti-reflection coated for the input 

light. The other surface has typically 95~99% partial reflectivity to transmit a small 

portion of optical beam out of etalon cavity and reflect the rest of the beam back. Due to 

the high reflectivity on both sides of cavity, the injected optical beam experiences 

multiple reflections within the etalon cavity, thus producing multiple diverging beams as 

shown in Fig. 2.2.  

 
Fig. 2.2  VIPA structure. 

 

Diverging beams interfere with each other as they propagate, separating different 

frequency component in the beam with respect to output angle. As a result, a VIPA acts 

as a spatial disperser, which separates different wavelength components within the input 

optical beam into different angles. The schematic of wavelength decomposition with a 

VIPA is shown in Fig. 2.3.  
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Fig. 2.3  VIPA as a spectral disperser (adapted from [63]). 

 

VIPA is named after the fact that the multiple partially reflected beams from 

VIPA can be modeled as an array of individual images of the incident beam waist as 

shown in Fig. 2.4. The spatial distance between virtual array elements results in constant 

relative phase. 

 
Fig. 2.4  VIPA model (adapted from [63]). 

 

Fig. 2.5 shows an example of relation between the output angle and the 

wavelength obtained by VIPA. The angular dispersion is approximately 2nt/dλ, where t is 

the thickness of the VIPA, d is the displacement of the virtual images determined by input 

beam incident angle θ, n is the refractive index of cavity and λ is the operating 

wavelength. More accurate and exact expressions of angular dispersion can be found in 

[63].  

The wavelength spacing, which is equal to the free spectral range (FSR), is 

determined by the thickness of the cavity t. The example in Fig. 2.5 is obtained by an 

experiment using t = 100 m, θ = 6.4 deg, d = 22.4 m, and n = 1.5 which result in 

angular dispersion of 0.4 ~ 0.8 deg/nm, and the wavelength spacing of 8 nm. 
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Fig. 2.5  Output angle vs. wavelength for VIPA (adapted from [62]). 

 

2.1.2 Transmissive and reflective FT pulse shapers  

Fig. 2.6 shows the transmissive geometry of a basic FT pulse shaping apparatus 

which consists of a pair of diffraction gratings (or in general a spatially dispersive 

device), lenses and a mask, in our case, a programmable spatial light modulator (SLM). 

Our commercial SLM consists of an array of 128 pixels of two layers of liquid crystal 

modulator (LCM) with pixel-to-pixel spacing of 100 m [35].  

 
Fig. 2.6  FT pulse shaper in transmissive geometry based on diffraction gratings. 

 

The individual frequency components contained within the incident beam are 

angularly dispersed by the first diffraction grating, and then focused at the back focal 

plane of the first lens, where the frequency components are spatially separated along one 

dimension. Then the spatially dispersed light is manipulated by the SLM. The second lens 

and grating recombine the optical frequencies into a single collimated output beam, and 

hence, the shaped output pulse is obtained. The shape of the output pulse envelope is 
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given by the Fourier transform of the pattern transferred by the masks onto the optical 

spectrum. 

A reflective geometry FT pulse shaper configuration may be used instead of a 

transmissive geometry to save optical components and easier alignment as shown in Fig. 

2.7. In our setup, the reflective FT pulse shaper consists of a fiber collimator that provides 

a 2-mm diameter free-space beam followed by a cylindrical lens with focal length of 5 cm 

which focuses the beam into a VIPA with an FSR of 50 GHz at an input angle of ~3 

degrees. The input optical frequency components are dispersed by the VIPA and 

collimated by a cylindrical lens with a focal length of 300 mm onto the SLM. This VIPA 

has a measured FWHM linewidth of about 400 MHz which results in about 600 MHz 

spectral resolution per SLM pixel in our hyperfine optical pulse shaper. A gold mirror is 

placed at the back focal plane of the lens and serves to redirect the dispersed frequency 

components back through the shaper.   

 
Fig. 2.7  Hyperfine FT pulse shaper in reflective geometry based on VIPA.  

 

2.1.3 Discussion on design and calibration 

For calibration of an optical pulse shaper, a polarizer is followed by a beam 

splitter which separates reference and signal paths as shown in Fig. 2.8. The reference 

beam is detected by a PD to monitor input power fluctuation while the signal beam is sent 

through the SLM and reflected back by the mirror, then detected by another PD. 

The voltage applied to one layer is set to maximum and the applied voltage to the 

other layer is incremented over the available voltage range. Both reference and signal are 

recorded via two lock-in amplifiers and normalized measurement is found through 

dividing the signal measurement by the reference measurement.  
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Fig. 2.8  Calibration setup for SLM in an optical pulse shaper. 

 

Two set of data are plotted versus applied voltage as shown in Fig. 2.9. The 

transmission intensity and phase are given by 

 






 


2
cos2 BAT


 (2.1a) 

 
2

BAΦ
 

  (2.1b) 

where T is the intensity transmission experienced by light,  is the experienced phase 

shift, and A and B are the phase shifts induced by double pass transmission of light 

through two layers of LCM.   

 
Fig. 2.9  Calibration raw data set. 

 

From two raw data sets we use a curve fitting tool in MATLAB to find 

polynomials which estimate the transmission T as a function of voltage level V. Then 

through (2.1) the phase shifts A and B can be numerically calculated as a function of 
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voltage level V. To program an SLM for a given phase shift  and transmission T we find 

the corresponding phase shifts A and B using (2.1) and then we calculate the required 

voltage levels. 

We note that more attention should be given in programming an SLM in a VIPA 

based optical pulse shaper due to the nonlinear relation between pixel’s location versus 

frequency. As shown in Fig. 2.10 the main order spot out of VIPA displaces nonlinearly 

versus wavelength (frequency). Hence in order to accurately program the pulse shaper as 

a spectral phase filter this nonlinearity should be taken into account. In our experiments 

we first find the location of each SLM pixel versus wavelength by programming one pixel 

to transmit light and the rest of pixels to block the light and we measure the frequency 

response of the optical pulse shaper. Therefore we find the location of pixels versus 

wavelength which are shown in solid circles in Fig. 2.10.  

 
Fig. 2.10  Pixel location vs. wavelength. Experimental results, linear and quadratic curve 

fits are in solid circles, dashed and solid lines respectively. 

 

The solid and dashed curves show quadratic and linear fits to experimental results 

where clearly quadratic curve estimates the experimental results more accurately. Hence 

in programming the pulse shaper we assume that the location of pixel in frequency 

changes quadratically as a function of pixel number, and we program the SLM such that 

to achieve the desired pulse shaper frequency response. 
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2.2 RF Photonic Filter Based on Optical Pulse Shaping 

The design and implementation of microwave photonic filters have been 

investigated for many years [30]. These filters offer appealing features such as 

programmability, tunability and broad bandwidth. Conventionally these filters are 

designed based on multitap scheme which can be modeled as finite impulse response 

(FIR) filters that will be discussed in details in chapter four. This technique has been used 

to implement discrete time optical filters which perform as spectral amplitude filters. 

Although little consideration has been given to spectral phase filters with an exception of 

true-time delay lines which correspond to a controllable linear spectral phase for beam 

forming in phased-array antennas [64]. 

Recently programmable RF photonic filters with arbitrary phase/amplitude 

response were implemented via hyperfine resolution optical pulse shaping in [5, 9]. This 

unveils a new approach for compression of spread-time electrical waveforms, in general, 

and detection of spectrally encoded electrical waveforms, in particular, in ultra-broadband 

wireless communication systems via matched filtering.   

A schematic of RF photonic programmable waveform compressor/matched filter 

is shown in Fig. 2.11 which is based on [9]. A tunable laser with a line-width below 0.1 

pm centered at 1550.17 nm is input to a Lithium Niobate Mach-Zehnder (MZ) intensity 

modulator (IM) with an electrical 3-dB BW of 30 GHz and a minimum transmission 

voltage of V~4.75 V. A Mach-Zehnder intensity modulator is a two-arm interferometer 

with 3-dB input splitter and 3-dB output coupler. We bias the modulator  very close to its 

minimum transmission and one of it arms is driven with an RF signal generated via the 

RF photonic AWG that will be explained later. The importance of this biasing scheme is 

explained in section 2.4.2. As a result, the output optical intensity is negligible when the 

electrical input is zero, and for positive values of AC voltage input the optical carrier 

electric field is modulated with electrical waveform so that the RF waveform maps 

directly to the envelope of the optical carrier electric field. Modulating the optical carrier 

with an RF electrical waveform in the MZ modulator transfers the RF signal into the 

optical domain as a DSB modulation about the optical carrier. The resulting DSB 
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modulated signal is applied to a hyperfine optical pulse shaper. We allow both sidebands 

to pass through the optical pulse shaper, as opposed to [9] where one sideband is 

suppressed. A user-defined spectral phase is imposed onto the optical spectrum in a 

hyperfine optical pulse shaper with ~600 MHz spectral resolution. After amplification in 

an erbium doped fiber amplifier (EDFA) the optical signal passes through a 3-nm optical 

filter to reduce its amplified spontaneous emission (ASE) and converted to a baseband RF 

signal through a PD with 3-dB electrical BW of 22 GHz. 

As a result, programmable spectral phase applied in optical domain through 

Fourier transform pulse shaper maps directly into an RF phase filter. This photonically 

implemented RF phase filter provides programmable and essentially arbitrary phase filter 

response over RF band from DC to 20 GHz with ~600 MHz spectral resolution.  

 
Fig. 2.11  RF photonic programmable matched filter. 

 

The minimum spectral resolution of a pulse shaper determines the maximum 

temporal window of a waveform, which can be manipulated, where their relation is given 

by the time-bandwidth product [65]. A spectral resolution of ~600 MHz corresponds to a 

temporal window of about 730 ps. In order to match the generated RF waveforms’ 

temporal aperture to the RF photonic filter spectral resolution, we adjust the temporal 

window of waveforms generated in the RF photonic AWG to about 750 ps.  In addition 

proper operation of our waveform compressor requires that the optical carrier line-width 

and frequency drift should be much less than the minimum spectral resolution of the 

optical pulse shaper, which is satisfied by our CW laser with 0.1-pm (12.5 MHz) line-

width. 
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2.3 Matched Filtering Electrical Waveforms 

In this section the experimental results are presented in which the matched filter 

configuration in Fig. 2.10 is implemented and few examples of arbitrary waveforms are 

generated and compressed by the application of spectral phase filtering. Before moving to 

experimental results we discuss two approaches which we use to generate these ultra-

broadband arbitrary waveforms to test our matched filter. In following section we discuss 

the first approach which is based on RF photonic AWG and in the second approach we 

use the pattern generator from an Agilent N4901B Serial Bit Error Rate Tester, which we 

program to generate periodically repeating binary patterns. The former approach provides 

us with more complex waveforms considering the large dynamic range that voltage 

amplitude can be programmed; however, the latter approach limits us to waveforms with 

two level voltages, i.e. digital waveforms.  

 

2.3.1 Generation of RF arbitrary waveforms 

A schematic of the RF photonic AWG based on the method of [19] is shown in 

Fig. 2.12. In the AWG, we utilize a technique for synthesis of arbitrary RF waveforms 

based on ultrafast optical AWG technology. As shown in Fig. 2.12, this apparatus 

consists of a mode-locked femto-second fiber laser, an FT optical pulse shaper, an optical 

frequency-to-time converter, an EDFA, an O/E converter, and an RF amplifier. A detailed 

description of this apparatus is given in [19]. 

 
Fig. 2.12  RF photonic AWG. 
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Ultra-short optical pulses from the mode-locked laser (~100 fs, 50 MHz repetition 

rate) are spectrally filtered in the reflective-geometry FT optical pulse shaper which 

enables to impose a user-defined optical filter function onto the power spectrum of the 

optical pulses. The output pulses are dispersed in 1.6 km of SMF which uniquely maps 

optical frequency to time and results in a temporal intensity profile which is a scaled 

version of the filter function applied in the optical pulse shaper. 

The output tailored optical intensity waveforms are converted to electrical signals 

via O/E conversion in a PD with an electrical 3-dB BW of ~22 GHz. The RF electrical 

output of the PD is amplified with a broadband RF amplifier (0.1-18 GHz, ~30-dB gain) 

to be applied to an IM in the next stage. Currently we can achieve 0.7-V peak-to-peak 

electrical waveforms. 

The time aperture of the generated waveforms is determined by the optical 

bandwidth and the length of the fiber stretcher. In our setup the length of the fiber 

stretcher has been chosen 1.6 km in order to obtain waveforms with about 750-ps 

temporal window which is the time aperture of the RF photonic filter setup.  

 

2.3.2 Compression of chirp waveform 

Fig. 2.13 shows matched filtering of an ultra-broadband RF electrical chirp 

waveform. The chirp waveform is designed with a spectrum centered at ~7.5 GHz, a 

~733 ps temporal window, and the fastest oscillation cycle corresponding to ~15 GHz. 

Fig. 2.13(a) shows the pre-equalized RF chirp waveform synthesized via the RF photonic 

AWG which is applied to the RF photonic filter. We pre-equalize the modulator electrical 

input signal by generating its higher frequency content with stronger amplitude to 

overcome the higher frequency roll-off of modulator, photodiode and pulse shaper 

resulting in a uniform chirp at the RF photonic output when the pulse shaper is quiescent. 

Fig. 2.13(b) shows the RF photonic filter output electrical waveform when the pulse 

shaper is quiescent. As a result of the pre-equalization, the amplitude of the chirp 

waveform in Fig. 2.13(b) is more uniform in time than the input chirp waveform in Fig. 

2.13(a), and the individual oscillations have become sharper due to the squaring operation 

of photodiode. 
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Fig. 2.13  (a) Experimentally synthesized input linear chirp electrical waveform with >15 

GHz frequency content centered at ~7.5 GHz. (b) Experimental output linear chirp 

electrical waveform when the pulse shaper is quiescent. (c) Experimental output 

compressed electrical waveform after the matched filter is applied. (d) Calculated ideal 

photonically compressed electrical waveform. 
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Fig. 2.13(c) shows the compressed electrical waveform at the output after the 

conjugate spectral phase, i.e. the matched filter, is applied through the RF photonic filter. 

A calculation of the electrical waveform of Fig. 2.13(b) processed through an ideal 

conjugate spectral phase optical filter which is numerically performed through FFT in 

MATLAB is shown in Fig. 2.13(d). 

Here we give two definitions to compare the output uncompressed and 

compressed voltage waveforms in order to evaluate the waveform compressor 

performance. We define a gain parameter as the ratio of the compressed pulse peak 

voltage, minus its DC level, to the uncompressed waveform peak voltage, minus its DC 

level, all measured after the PD, as  
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  (2.2)  

where subscripts “c” and “u” denote “compressed” and “uncompressed” respectively.  

can be expressed in decibels (dB) as  

  10log20)dB(   (2.3)  

Since a photodiode maps optical intensity to an electrical signal, the resulting 

voltage signal is required to be a positive definite quantity and has a non-zero DC level. 

The subtraction of the DC voltage is relevant since a DC voltage carries no information 

and may be easily blocked by a DC blocker. We also define a compression factor as the 

ratio of the uncompressed voltage waveform temporal window Tu to the compressed 

voltage pulse FWHM duration tc, all measured after subtraction of their DC levels, as  
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T
  (2.4)  

Note that the pulse FWHM duration is most meaningful for a waveform with no 

DC level, and it gives a measure of frequency bandwidth for signals with no DC level. 

Therefore the temporal pulse width has been measured after subtraction of the DC level, 

which has information about frequency content of the pulse. 

A 14.21-dB gain parameter has been achieved, and the output electrical voltage 

pulse FWHM duration is 40 ps which corresponds to a compression factor of 18.3. For 
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the ideally matched filtered waveform, a 15.11-dB gain parameter and a 38-ps FWHM 

electrical voltage pulse duration, which corresponds to a compression factor of 19.3, are 

expected. In each trace Fig. 2.13 the dashed line shows the DC level of the PD output 

voltage waveform averaged over its 733-ps temporal window from 148 to 880 ps. The 

excellent agreement between experiment and simulation suggests that the uncompressed 

RF waveform spectral phase is being corrected with a high degree of precision. 

 
Fig. 2.14  (a) Calculated spectral phases of the waveforms in Fig. 2.13 (b) and (c) are 

shown in squares and solid circles respectively. (b) Calculated spectral amplitudes of the 

waveforms in Fig. 2.13 (b) and (c) are shown in squares and solid circles respectively. 

 

The spectral phase and amplitude of the chirp waveform in Fig. 13(b) are 

calculated through fast Fourier transform (FFT) and shown by squares in Fig. 2.14 (a), (b) 

respectively. The large quadratic spectral phase is consistent with the linearly chirp 

waveform design. Similarly the spectral phase and amplitude of the compressed 
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waveform are shown by solid circles in Fig. 2.14 (a), (b) respectively which show that the 

spectral phase is compensated with an error less than 0.2 rad from DC to 15 GHz. 

 

 

 
Fig. 2.15  (a) Output linear chirp electrical waveform with ~12.5 GHz BW centered at 

~6.25 GHz when the pulse shaper is quiescent. (b) Output compressed electrical 

waveform after the matched filter is applied. (c) Calculated ideally compressed electrical 

waveform. 

 

The slight difference between the uncompressed and compressed spectral 

amplitudes is expected since the phase programming in SLM introduces some frequency 
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dependent loss which is due to the abrupt phase change between adjacent SLM pixels. 

This effect has been studied in line-by-line pulse shaping [66]. 

 

 

 

Fig. 2.16  (a) Output linear chirp electrical waveform with ~10 GHz BW centered at ~5 

GHz when the pulse shaper is quiescent. (b) Output compressed electrical waveform after 

the matched filter is applied. (c) Calculated ideally compressed electrical waveform. 

 

We have also performed waveform compression for ultra-broadband RF electrical 

chirp waveforms similar to Fig. 2.13 for different frequency bandwidths where Fig. 2.15, 

Fig. 2.16, and Fig. 2.17 show the results for linearly frequency-modulated electrical 
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waveforms with bandwidths of ~12.5, ~10 and ~7.5 GHz centered at ~6.25, ~5 and ~3.25 

GHz respectively where the temporal aperture is fixed to ~733 ps. 

 

 

 

Fig. 2.17  (a) Output linear chirp electrical waveform with ~7.5 GHz BW centered at 

~3.75 GHz when the pulse shaper is quiescent. (b) Output compressed electrical 

waveform after the matched filter is applied. (c) Calculated ideally compressed electrical 

waveform. 

 

Table 2.1 provides a summary of the results for Fig. 2.13, 2.15, 2.16, and 2.17. 

The gain parameter achieved from experiment is shown as Experimental , and the 
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calculated gain parameter after processing the chirp waveform through an ideal matched 

filter is given as Numerical . The FWHM pulse duration of resultant compressed pulse 

from experiment and after processing the chirp waveform through an ideal compressor 

and also their corresponding compression factor are similarly given. Here also the 

excellent agreement between experiment and simulation suggests that the uncompressed 

RF electrical chirp waveforms are compressed with a high degree of precision. 

 

Table 2.1  Experimental and numerical gain , FWHM duration, and compression factor

 for chirp waveforms. 
Frequency 

Bandwidth 

(GHz) 

Experimental 

 (dB) 

Numerical 

 (dB) 

Experimental 

FWHM (ps) 

Experimental 

 

Numerical 

FWHM 

(ps) 

Numerical 

 

15 14.2 15.1 40 18.3 38 19.3 

12.5 12 13 46 15.9 45 16.3 

10 10.4 11.6 54 13.6 54 13.6 

7.5 8.7 9.6 70 10.5 69 10.6 

 

2.3.3 Compression of pseudorandom sequence waveform 

Fig. 2.18 shows the matched filtering of a 15-chip PR code (001001101011110) 

ultra-broadband RF electrical waveform at a chip rate corresponding to ~18.7 Gb/s with 

~800-ps temporal window generated by the RF photonic AWG. Fig. 2.18(a) shows the 

pre-equalized RF 15-chip PR waveform synthesized via the RF photonic AWG. Fig. 

2.18(b) shows the RF photonic filter output electrical waveform when the pulse shaper 

adds no spectral phase. The spectral phase and amplitude of the PR waveform are 

calculated by FFT of the data in Fig. 2.18(b) and are shown by squares in Fig. 2.19. Fig. 

2.18(c) shows the compressed electrical waveform at the PD output after the conjugate 

spectral phase is applied. The spectral amplitude and phase of the compressed waveform 

are shown by solid circles in Fig. 2.19 which show that the spectral phase is compensated 

with an error less than 0.2 rad from DC to 15.5 GHz. A 14.07-dB gain parameter has been 

achieved, and the output electrical voltage pulse FWHM duration is 50 ps which 

corresponds to a compression factor of 16. 
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Fig. 2.18  (a) Experimentally synthesized input 15-chip PR electrical waveform. (b) 

Experimental output 15-chip PR electrical waveform when the pulse shaper is quiescent. 

(c) Experimental output compressed electrical waveform after the matched filter is 

applied. (d) Calculated ideal photonically compressed electrical waveform. 

 

A calculation of the electrical waveform of Fig. 2.18(b) processed through an 

ideal conjugate spectral phase optical filter is shown in Fig. 2.18(d). For the ideally 
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matched filtered electrical waveform, a 14.85-dB gain parameter and a 46-ps FWHM 

pulse duration, which corresponds to a compression factor of 17.4, are expected. Here 

also the excellent agreement between experiment and simulation suggests that the 

uncompressed RF electrical waveform is matched filtered with a high degree of precision.  

 

 

Fig. 2.19  (a) Calculated spectral phases of the waveforms in Fig. 2.17 (b) and (c) are 

shown in squares and solid circles respectively. (b) Calculated spectral amplitudes of the 

waveforms in Fig. 2.17 (b) and (c) are shown in squares and solid circles respectively. 

 

Using the second approach for generation of RF electrical waveforms we use the 

pattern generator from a SerialBERT to generate a periodically repeating 15-chip PR 

sequence (001001101011110) at 13.5 Gb/s. Fig. 2.20(a) shows the 15-chip PR electrical 

waveform when the pulse shaper is quiescent. Fig. 2.20(b) shows the compressed 

electrical waveform at the PD output after the conjugate spectral phase is applied. A 15.3-
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dB gain parameter has been achieved, and the output electrical voltage pulse FWHM 

duration is 53 ps which corresponds to a compression factor of 21.  

 

 

 
Fig. 2.20  (a) Output periodic 15-chip PR sequence waveform at 13.5 Gb/s when the 

pulse shaper is quiescent. (b) Output compressed electrical waveform after the matched 

filter is applied. (c) Calculated ideally compressed electrical waveform. 

 

A calculation of the electrical waveform of Fig. 2.20(a) processed through an ideal 

conjugate spectral phase optical filter is shown in Fig. 2.20(c). For the ideally matched 

filtered electrical waveform, a 15.9-dB gain parameter and a 51-ps FWHM pulse 

duration, which corresponds to a compression factor of 21.8, are expected. Here also the 
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excellent agreement between experiment and simulation suggests that the uncompressed 

RF electrical waveform is matched filtered with a high degree of precision.   

 

2.3.4 Correlation processing of Hadamard codes 

As we know a time-invariant filter’s output is simply a convolution of its input 

with its impulse response. By designing a filter with an appropriate impulse response we 

can perform correlation of two desired waveforms in real-time in contrast with the 

conventional correlation scheme. Due to growing interest in CDMA systems in wireless 

communication, orthogonal codes have been of practical importance [39, 42]. Here we 

demonstrate real-time correlation of set of mutually orthogonal codes for a proof of 

concept. 

A Hadamard matrix is a square matrix whose elements are either +1 or −1 and 

whose rows are mutually orthogonal. In other words every two different rows in a 

Hadamard matrix represent two perpendicular vectors. A 12×12 Hadamard matrix is 

given by 
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Fig. 2.21(a) shows two cycles of 12-chip electrical waveform corresponding to the 

12
th

 Hadamard code in the last row of above matrix when the pulse shaper is quiescent. 

Fig. 2.21(b) shows the compressed electrical waveform at the PD output after the 

conjugate spectral phase is applied. A calculation of the electrical waveform of Fig. 

2.21(a) processed through an ideal conjugate spectral phase optical filter is shown in Fig. 

2.21(c). Here also the excellent agreement between experiment and simulation suggests 
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that the uncompressed RF electrical waveform is matched filtered with a high degree of 

precision. 

Now we generate twelve mutually orthogonal waveforms which are shown 

consecutively in Fig. 2.22 as a solid line in using rows of the above matrix. We utilize our 

matched filter to implement a filter with an impulse response matched to the 12
th

 

Hadamard code waveform. 

 

 

 
Fig. 2.21  (a) Output 12

th
 Hadamard code waveform at 13.5 Gb/s when the pulse shaper is 

quiescent. (b) Output compressed electrical waveform after the matched filter is applied. 

(c) Calculated ideally compressed electrical waveform. 
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By applying these twelve waveforms to the matched filter the resulting output 

shown as grey line in Fig. 2.22 goes to almost zero at the correlation points, where the 

correlation instances are marked by vertical black lines, except for the output 

corresponding to the 12
th

 Hadamard code waveform which is matched and results in a 

maximum output peak.  

 
Fig. 2.22  Output Hadamard code waveforms from 1

st
 to 12

th
 codes at 13.5 Gb/s as solid 

line when the pulse shaper is quiescent. Output Hadamard code waveforms correlated 

with the 12
th

 Hadamard code waveform in grey line. 

 

The summary of voltage levels for grey line at sampling times is given in table 

2.2. We note that the orthogonal waveforms predict ideally zero amplitude of correlation 

at the sampling times. 

 

Table 2.2  Voltage values of experimental correlation of twelve Hadamard codes with the 

12
th

 Hadamard code at sampling times. 

Sampling time (ns) 0.380 1.270 2.161 3.051 3.942 4.833 5.724 6.614 7.505 8.396 9.286 10.177 

Voltage level (mV) 2.1 1.8 2.3 -3.5 -3 -1.8 -0.9 -1 -2.6 -0.1 0.6 18.4 

 

2.4 Matched Filtering Theory 

For a signal s(t), a filter which is matched to s(t) has an impulse response, in 

general, given by  
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 )()( 0 ttskth    (2.5) 

where k and t0 are arbitrary constants. It can be shown that the SNR of a received signal in 

presence of additive white Gaussian noise can be maximized by the operation of a linear 

filter which is matched to the signal s(t) on a received signal illustrated in Fig. 2.23. More 

detail on the theory of matched filters is given in [38]. 

  
Fig. 2.23  Operation of a matched filter in presence of additive white Gaussian noise. 

 

A matched filter may be designed in frequency domain instead of time domain as 

a spectral filter where its frequency response relates to its impulse response through 

Fourier transform. Without loss of generality, we investigate waveforms which almost 

uniformly cover the UWB bandwidth and beyond. Since a signal with almost uniform 

spectrum content corresponds to a matched filter with almost uniform spectral amplitude, 

we can approximate its matched filter as a spectral phase-only filter. Therefore the 

resulting matched filter has a spectral phase which is the opposite of a specified signal 

spectral phase as 

 
)()(  SjeH   (2.6) 

Application of this spectral phase filter to its corresponding spectrally phase 

encoded signal results in the compression of waveform into its bandwidth limited 

duration. This pulse compression aspect of matched filters has been the focus of our 

investigation. In general a matched filter is usually designed to operate as a baseband 

filter. However the possibility of implementing a matched filter in the optical domain via 

RF photonic filters enables us to achieve a broadband matched filter. 

 

2.4.1 Matched filter simplified model 

Fig. 2.24 shows a simplified block diagram of a RF photonic matched filter. In 

order to achieve an analytical solution we make simplifying assumptions. Here the 

distortion due to the MZ modulator, the frequency response roll-off of the modulator, the 
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photodiode and the pulse shaper, and the nonlinearity of the EDFA, which is a slow 

saturable optical amplifier, are neglected.  

At the MZ modulator output the light electric field, e, as a function of the driving 

voltage, V, is given by  

 







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

V

V
ee

2
cos0   (2.7) 

where e0 is the input light electric field, V is the half-wave voltage and  is a static phase 

shift [67].  

 
Fig. 2.24  Simplified RF photonic matched filter block diagram. 

 

Assuming small signal operation such that the MZ modulator is biased close to 

V=V and for simplicity =0 through first order approximation we have 
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where V=vi+Vbias is a small signal input voltage. An input electrical voltage signal vi(t) 

with a one-sided bandwidth of B is applied with an appropriate bias voltage Vbias to the 

MZ modulator. Modulating the electric field of an optical carrier results in an optical 

electric field ei(t) which is input to an optical pulse shaper as 

 )cos(])([)( 0 tωeVVtvte cbiasii    (2.9) 

where /2V is the linear term of the modulation coefficient determined by the slope 

of a tangent to the modulator transmission curve at the operating point, e0 is the input 

optical carrier electric field amplitude, and c is the optical carrier angular frequency. The 

resulting passband optical signal passes through an optical filter that when the pulse 

shaper is programmed with the conjugate of the electrical waveform spectral phase, its 

frequency response is 
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where L accounts for the optical pulse shaper spectral loss which in general is a function 

of angular frequency and in our pulse shaper it rolls off ~3 dB over a 20-GHz BW; 

however, we approximate it as a constant. Further details on RF photonic filter spectral 

amplitude are given in [5]. We can find the output optical electric field after passing 

through the matched filter through Fourier transform as 
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and when there is no spectral phase is added, the output electric field spectrum after 

passing through the pulse shaper is simply  

 )cos(])([)()( 0 tωeVVtvLteLte cbiasiio    (2.12) 

A photodiode maps its input optical intensity to an electrical signal and it operates 

as a square-law detector where its output electrical voltage signal is proportional to the 

square of its input optical electric field  

 2
)()( teκtv oo   (2.13)  

where  is the O/E conversion coefficient. Thus from (2.11) we find the PD output 

compressed electrical signal when the matched filter is applied as 
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The output uncompressed electrical signal, when the pulse shaper adds no spectral 

phase, becomes 
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)(  VVtveLκtv biasio   (2.15) 

 

2.4.2 Derivation of compression parameters  

Following we briefly provide a simple analysis which describes the relation 

between the gain parameter, the compression factor, and the bandwidth to characterize 

the performance of a waveform compressor. We consider an electrical voltage signal vi(t) 

with a spectrum uniformly equal to S0 from -B to B in the baseband and zero elsewhere. 

The electrical signal spectral phase is assumed arbitrary; however, we are interested in a 

spectral phase which spreads the signal vi(t) quite uniformly over its time aperture Tu. By 
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appropriately designing this spread-time waveform, the energy of the waveform may be 

evenly spread over its time window. An arbitrary electrical waveform generated via the 

RF photonic AWG is a definite positive voltage signal, since the photodiode has a 

definite positive output voltage. Hence we assume the signal vi(t) takes definite positive 

values over its temporal window and zero elsewhere. As a result the uncompressed 

electrical signal vi(t) contains a positive DC voltage over its time aperture which is 

 
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  (2.16) 

We also assume that the signal vi(t) has a constant AC energy equal to U given by 

  
uT

vi dDCvU
0

2))((   (2.17) 

where we can show through Parseval’s equation that 

 
B

U
S

2
0 

 (2.18) 

From foregoing assumptions we approximate 
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Equation (2.19) is an approximation which roughly holds over the time aperture 

of the signal from -Tu/2 to Tu/2. By substituting (2.19) in (2.11) we find an expression for 

the output compressed electrical signal 
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Then we find the compressed pulse peak voltage as 
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From (2.20), the DC level of the output compressed pulse over its temporal 

window can be approximated. Here the DC level of the sinc function over the time 

aperture Tu can be neglected compared to DCv when the time-bandwidth product TuB is 

large. Then 
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The term Vbias-V can be made negligible by biasing the modulator close to its 

minimum transmission. For an input electrical waveform that spreads extensively enough 

over time the resulting output uncompressed signal DC voltage over its time window will 

be much smaller than the output compressed waveform peak voltage, in other words  

 
VVDCBU biasv 2  (2.23) 

Thus we can show through (2.20) that the compressed pulse FWHM duration tc is 

approximately given by  
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Defining the maximum peak voltage of vi(t) as Vp, we write the output 

uncompressed waveform peak voltage from (2.15) as 
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Finally by substituting in the gain parameter expression, we will obtain 
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In order to achieve further intuition in (2.26), we provide an approximate 

analytical solution for a simple case. We assume vi(t) as a linear frequency-modulated 

signal, which is long enough to span many frequency-modulation oscillations, as 
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If the signal time-bandwidth product is much larger than one, or in other words 

there are many oscillations in the signal temporal window, then by approximating the DC 

level and the ac energy of the signal, and the associated integrals, we can show 
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This expression shows that the theoretical gain parameter for a linear chirp signal 

is decreasing by increasing Vbias-V and it takes its maximum value for Vbias=V which 

corresponds to a bias point at the minimum transmission of the modulator. We note that 

the low biasing of MZ modulator has been previously investigated to obtain high dynamic 

range in photonic links [68]. 

 We define the maximum gain parameter 0 as 

  BTBT uu
5

4

5

2
0   (2.29)  

By substituting for B we finally obtain 

  531.0176.00   (2.30) 

Equations (2.29) and (2.30) show that for large values of compression factor, i. e., 

an input chirp waveform has a large time-bandwidth product, the maximum gain 

parameter becomes approximately proportional to compression factor with a factor of 

0.176. This expression gives us a rough estimate of an achievable gain parameter versus 

compression factor. The foregoing analysis can also be performed through Fourier series 

instead of Fourier transform that for completeness is given in Appendix A, which 

precisely results in (2.28) for a periodic waveform with temporal window Tu set equal to 

the repetition period Tr. 

 

2.4.3 Comparison of experiment, simulation, and theory 

The experimental and calculated gain parameters for compression of RF chirp 

waveforms given in Table 2.1 are shown as a function of bandwidth of their frequency 

content in Fig. 2.25. The circles illustrate the achieved gain parameter through 

experiment. The squares show the gain parameter after processing the electrical chirp 

waveforms through an ideal optical phase-only matched filter in simulation. The dashed 

line shows the maximum theoretical gain parameter given by (2.29).  

The difference between an ideal matched filter gain parameter and a theoretical 

gain parameter predicted by (2.29) comes from the simplifying assumptions and 

approximations that have been made in our derivation. Hence Fig. 2.25 illustrates the 



 

 

44 

behavior of an RF photonic matched filter performance which is in excellent agreement 

with our experimental and numerical results. 

 
Fig. 2.25  Gain parameter vs. frequency bandwidth for ultra-broadband RF chirp electrical 

waveforms. The circles show the experimental gain parameter versus the frequency 

corresponding to the chirp fastest oscillation cycle. The squares show the calculated gain 

parameter after processing waveforms through an ideal photonically matched filter. The 

dashed line shows the maximum theoretical gain parameter given by (2.29). 
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3.  POST-COMPENSATION OF ANTENNA DISPERSION AND 

ARBITRARY WAVEFORMS IDENTIFICATION 

 

 

 
For the first time we demonstrate post-compensation of antenna dispersion using 

RF photonic phase filters. We employ the technique discussed in chapter two to apply the 

opposite of antennas nonlinear spectral phase to RF signals after a receiving antenna. 

Therefore we are able to dispersion compensate a wireless antenna link. 

In following first we describe how we measure an antenna impulse response by 

exciting the antenna link with a very short electrical pulse, and we extract the spectral 

phase of the antenna response by taking FFT. Then we compress the antenna link impulse 

response to its bandwidth limited duration using an RF photonic phase filter. Further we 

will demonstrate resolving different paths in a multipath environment and how this can 

improve the performance of broadband radars. Finally we illustrate retrieval and 

identification of user-defined waveforms transmitted over a wireless link by dispersion 

compensation and matched filtering. 

 

3.1 Antenna Dispersion 

For large fractional bandwidth signals, the antennas utilized on both ends of a 

wireless link may contribute very large dispersion to the receiving signal. While low 

dispersion antennas exist, such as the planar bowtie or the ridged TEM, there are 

frequency dependent antennas such as Archimedean spiral and log-periodic antennas. 

From a bandwidth perspective, these represent appealing options for UWB systems. This 

category of antennas although is known to introduce a strong frequency-dependent delay 

to wideband signals, and provide examples of the effects of dispersion in UWB links. 
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Fig. 3.1 shows the configuration of our pulsed wireless transmission experiments. 

We use two ridged TEM horn antennas (Dorado International GH1-12N) with a specified 

bandwidth of 1-12 GHz in LOS separated by about 1 m. The distance of 1 m was chosen 

to satisfy the far field constraint at a frequency of 1 GHz. We choose highly directional 

antennas to avoid multipath interference and focus on the LOS link response. Hence the 

received waveform will be distorted mainly from the response of our antennas, and not 

the multipath effect. We note that although a ridged TEM horn antenna is not as highly 

dispersive as other UWB antennas such as spirals, the amount of dispersion suffices for a 

proof of concept demonstration of the improvement offered by dispersion compensation.  

 
Fig. 3.1  The LOS antenna link configuration. 

 

A PD with a 3-dB BW of 22 GHz is driven by a mode-locked laser and its output 

drives the transmit antenna. The receive antenna is connected to a 26-GHz BW sampling 

scope. Similar to [23] we obtain the impulse response of the antenna link by exciting the 

transmit antenna with a 30-ps pulse (410 mV peak voltage) from the PD - see inset of Fig. 

3.2(a). The measured time domain response is shown in Fig. 3.2(a). The short input pulse 

is obviously dispersed and the received waveform shows clear oscillations over roughly 4 

ns. The received waveform is down-chirped with the low frequency components near the 

antenna low cut-off frequency of 900 MHz occurring roughly 4 ns after the high 

frequency oscillations at the leading edge of the waveform. Since the spectral content of 

the exciting pulse is much broader than the antenna frequency response, we can simply 

assume the time domain response in Fig. 4.2(a) as the link impulse response. Through 

FFT we extract the relative spectral amplitude and phase of the link response, which are 

shown in Fig. 3.2(b). 

The spectral amplitude of the link frequency response decreases above 1 GHz. 

This can be explained by the Friis transmission equation [56] as 
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where Pr and Pt are the receive and transmit powers, Gr and Gt are the receive and 

transmit antenna gains, v is the speed of light in the medium, f is frequency, and R is the 

distance between antennas. 

 

 
Fig. 3.2  (a) Measured time domain response of ridged TEM horn antenna link. The 30-ps 

driving pulse is shown in the inset. (b) The antenna link frequency response, relative 

amplitude and phase extracted from the time domain response. 

 

Hence we can write the antenna link spectral amplitude response as 

 
2

2
)()()( 










R

v
GGH rtL


  (3.2) 

Since the received power is inversely proportional to frequency squared, the 

spectral amplitude drops by 20 dB per decade even if the antenna gains are frequency 
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independent. The spectral phase in Fig. 3.2(b) is plotted after subtraction of the linear part 

of phase. The subtraction of the linear part of the phase is relevant as it represents only a 

constant delay. 

 

3.2 Experimental Results 

Here we first present experimental results on post-compensation of antenna 

dispersion using RF photonic phase filters, and then we demonstrate the antenna 

dispersion compensation combined with matched filtering for the identification of UWB 

waveforms.   

 

3.2.1 Post-compensation of antenna link dispersion 

A schematic of our experimental setup is shown in Fig. 3.3. The core of our setup 

is an RF photonic phase filter discussed in chapter two. 

 
Fig. 3.3  Experimental setup for post-compensation of dispersion. The LOS antenna link 

is followed by an RF amplifier and the RF photonic phase filter. 

 

 The IM modulator is driven with a broadband RF amplifier (0.1-18 GHz, ~30-dB 

gain) fed by the RF waveform received via the receive antenna. The spectrally-filtered 

optical signal is down-converted to baseband via a PD with an electrical 3-dB BW of 22 

GHz. Since a PD maps optical intensity to an electrical signal, the resulting voltage signal 

is required to be a positive-definite quantity. The corresponding non-zero DC level is 

removed by a DC blocker. The resultant RF signal is measured by a fast sampling scope. 

The FT pulse shaper passes both the carrier and both sidebands of the modulated 

optical signal. By programming the SLM, a filter with an arbitrary spectral phase can be 
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synthesized and imposed on the optical signal. After O/E conversion, the relation between 

input and output electrical signals is given by 

 )()()(  iFo VHV   (3.3) 

where HF() is the RF photonic filter frequency response, and Vi() and Vo() are the 

Fourier transforms of input and output electrical signals. For practical signals which are 

real, one sideband is a complex-conjugate of the other. Thus, in our apparatus optical 

phase filters are programmed with complex-conjugate symmetry about the optical carrier 

frequency. In order to program the RF photonic filter as a phase-only filter we first extract 

the spectrum of the output dispersed electrical waveform when the pulse shaper is 

quiescent, i.e., no spectral phase is added, by taking FFT of the measured output 

waveform. By imposing the opposite of the output dispersed waveform’s spectral phase 

onto the corresponding optical signal spectrum, the envelope of the optical carrier electric 

field is compressed to its transform-limited duration. This results in an electrical pulse 

that is compressed to the bandwidth limited duration after O/E conversion. In other words 

we have HF()=exp[-j<Vi()], which results in an output electrical signal with spectrum 
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The results of antenna link dispersion compensation are shown in Fig. 3.4, where 

voltage profiles after the DC blocker of Fig. 3.3 are plotted. Fig. 3.4(a) shows the output 

waveform when the pulse shaper is quiescent. The output waveform after the RF photonic 

filter when no spectral phase is added is almost the same as the received dispersed 

waveform in Fig. 3.2(a). Then the spectral phase of the waveform in Fig. 3.4(a) is 

extracted via FFT, and the SLM in the pulse shaper is programmed for equal but opposite 

spectral phase. Mathematically we have HF()=exp[-j<HL()] which results in 
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Assuming an input bandwidth limited pulse with a bandwidth larger than the link 

bandwidth, the output signal Vo() becomes proportional to |HL()| with a constant factor. 

Fig. 3.4(b) shows the compressed electrical waveform at the output after the conjugate 
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spectral phase is applied through the RF photonic filter in a solid line. As we expect, the 

received waveform after dispersion compensation is highly compressed.  

 

 
Fig. 3.4  (a) Output electrical waveform when the pulse shaper is quiescent. (b) Output 

dispersion compensated electrical waveform after the phase filter is applied, and 

calculated dispersion-compensated electrical waveform by an ideal photonic phase filter 

as solid and dashed lines respectively. 

 

The compressed voltage pulse has FWHM duration of 65 ps, which is very close 

to the bandwidth limit. The residual oscillation around 3.6 ns is due to the fact that our 

RF photonic filter has a temporal window less than 1 ns, as mentioned in previous 

section; wings of the received waveform corresponding to time spreads greater than the 

phase filter’s time aperture cannot be fully dispersion compensated. This limitation also 

results in asymmetry in the dispersion-compensated waveform. The RF peak power gain 

is 5.52 dB.  

Assuming an ideal photonic phase filter with no spectral resolution or time 

aperture limits, and setting the spectral phase of the waveform in Fig. 3.4(a) to zero, we 

can calculate the ideal dispersion compensated waveform. The result is shown by a 
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dashed line in Fig. 3.4(b). The ideal FWHM pulse duration and peak power gain are 

calculated to be 64 ps and 8.67 dB, respectively. We attribute the slight discrepancy 

between our experimental and calculated results to abrupt phase changes between 

adjacent SLM pixels, which result in diffraction and excess loss at corresponding 

frequencies. This loss is dependent on the rate of phase change across pixels and is 

therefore waveform and frequency dependent. The difference in peak power gain is due to 

the fact that the time aperture of the filter is insufficient to fully capture the energy of the 

dispersed waveform at the correlation point. Nevertheless, our measurements show that 

the phase of the compressed pulse is corrected with a high degree of precision. 

Similar to [23], it is interesting to consider metrics that can be used to quantify 

how well a signal is dispersion compensated and compressed. We define the sidelobe 

level of a signal as the ratio of the normalized power of the sidelobes to that of the main 

lobe in the dispersion compensated signal 
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n  (3.6) 

where Vn is the voltage magnitude of the nth sidelobe and Vp is the voltage magnitude of 

the main peak.  

Fig. 3.5 shows the corresponding instantaneous power of the waveforms in Fig. 

3.4. The power plots are normalized to their peak power, and the sidelobes are indexed 

with respect to the main peak. We observe when the pulse shaper is quiescent the output 

waveform has a FWHM of 372 ps in terms of power; however, when the antenna link is 

dispersion-compensated the FWHM becomes 47 ps, which is in excellent agreement with 

the ideal dispersion-compensated waveform’s FWHM of 46 ps.  

A summary of the sidelobe levels with respect to the main peak for the antenna 

link impulse response, the dispersion compensated response, and the ideal dispersion 

compensated response is given in Table 3.1. The main sidelobe level from the dispersion 

compensated waveform to the antenna link response is reduced from -2.47 dB to -13.46 

dB (11-dB suppression, compared to 7.8-dB suppression in [23]), while calculation 

predicts up to 16-dB SLS for dispersion compensation by an ideal photonic phase filter. 
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Fig. 3.5  Comparison of normalized power for: (a) The antenna link impulse response. (b) 

Measured dispersion compensated waveform. (c) Calculated dispersion compensated 

waveform. 
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Table 3.1  Sidelobe levels and locations for a wireless link impulse response and 

dispersion compensated response. 
Waveform Sidelobe Index Location (ps) Sidelobe Level (dB) 

Link Response Fig. 3.5(a) n = 1 132 -2.47 

 n = 2 328 -2.55 

 n = 3 766 -6.40 

 n = 4 1140 -10.91 

 n = 5 1790 -11.49 

Dispersion Compensated Fig. 3.5(b) n = -1 -165 -13.46 

 n = 1 153 -15.24 

 n = 2 1133 -17.72 

Ideally Dispersion Compensated Fig. 3.5(c) n = -2 -367 -18.45 

 n = -1 -209 -18.63 

 n = 1 209 -18.63 

 n = 2 367 -18.45 

 

3.2.2 Resolving closely spaced multipaths 

Fig. 3.6 shows our experimental setup which mimics a simplified radar 

configuration. There are two effective propagation paths: LOS and reflection from a 

target. The centers of the antennas’ apertures are separated by about 95.5 cm, and they are 

tilted upward in order to obtain two paths with equal transmission amplitude.  

 
Fig. 3.6  Radar configuration. 

 

Here we use a metal plate as a target which is placed 19 cm away from the LOS 

path. The plate is initially positioned relative to the antennas such that the propagating 

wave from the transmit antenna is incident on the plate in TM (transverse magnetic) 

polarization, yielding an amplitude reflection coefficient =1. 
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Fig. 3.7(a) shows the received signal at the receive antenna which is a 

combination of two paths. Since the difference in the path lengths corresponds to a time 

delay much smaller than the antenna’s LOS impulse response, the signal contributions 

from the two paths interfere at the receive antenna. The composite impulse response can 

be written as 

 )()()(  tahthth LLML  (3.7) 

where hML(t) is the overall multipath antenna link impulse response, hL(t) is the LOS 

impulse response, which has Fourier transform of HL(), a is a coefficient accounting for 

the strength of the reflection path with respect to the LOS path, and  is the delay 

difference. The overall frequency response is 

 ]1)[()}({)( 1  j

LMLML eaHthFH  
 (3.8) 

In Fig. 3.7(a) large dispersion in the antenna link response makes it difficult or 

impossible to distinguish the individual signal paths from a simple inspection of the 

received waveform. Signal processing is required to identify the waveform contribution 

from each path in order to resolve time delays between return signals (related to spatial 

distances between targets). Instead here we utilize spectral phase filtering to remove 

undesired dispersion from the antenna link. This compresses the dispersed waveforms 

from different paths back to bandwidth limited pulses, which may be resolved at much 

smaller time offsets. The compressed impulse response of the composite link hCML(t) may 

be written 
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where hCL(t) is the compressed impulse response of the LOS antenna link, given by 

 
|})({|)( 1 LCL HFth 

 (3.10) 

We note that this technique requires arbitrary phase filters, the design and 

implementation of which has in the past remained essentially unexploited in the RF filter 

design area, particularly for UWB applications. 
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Fig. 3.7   (a) Radar link response with TM reflection without the phase filter. (b) Radar 

link response after applying the dispersion compensating filter. Magnified view of two 

highly resolved pulses shown in the inset. 

 

Fig. 3.7(b) demonstrates the received signal after dispersion compensation via the 

programmable RF photonic phase filter. Now two distinct pulses are clearly resolved, 

with separation of about 223 ps. A magnified view is shown in the inset. Compared to 

Fig. 3.7(a), ringing due to dispersion is significantly suppressed. The polarity of the two 

pulses is the same, consistent with the TM reflection coefficient equal to one.  

The difference between the LOS and reflection paths lengths calculated from the 

geometry in Fig. 3.6 is 242 ps, in reasonable agreement with the measured 223-ps delay. 

The slight difference between experiment and calculation arises from referencing our 

geometrical measurement to the center of the antenna apertures, which apparently does 

not exactly represent the wave propagation path. 
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Fig. 3.8  (a) Radar link response with TE reflection without the phase filter. (b) Radar 

link response after applying the dispersion compensating filter. 

 

We performed a similar experiment with the apparatus repositioned such that the 

wave incident on the metal plate is in TE (transverse electric) polarization, which has a 

reflection coefficient equal to minus one (=-1). Here the centers of the antenna apertures 

are separated by about 92 cm and the metal plate is placed 26 cm away from the LOS. 

Fig. 3.8(a) shows the received signal arising from the combination of the two paths 

without dispersion compensation. Fig. 3.8(b) shows the received signal after dispersion 

compensation via the programmable RF photonic phase filter. We observe two highly 

resolved pulses separated by about 490 ps. The polarities of the two pulses are opposite, 

as expected for TE reflection. 
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Summarizing the results of this section: we have demonstrated pulse compression 

over UWB bandwidths, yielding distance resolution proportional to the bandwidth limited 

pulse duration. This significantly improves on results without dispersion compensation, 

where resolution is significantly degraded. 

 

3.2.3 Identification of PR sequence over an antenna link 

As mentioned, the application of UWB spread-time waveforms instead of 

monopulses may be used to enhance transmit energy from a peak voltage limited 

transmitter; however, utilizing a phase filter to realize pulse compression becomes 

necessary. Spread-time waveforms may also be employed in UWB wireless 

communication, for purposes of multi-access for example [42].  

Here we utilize the programmable RF photonic phase filter both to dispersion 

compensate the antenna link and simultaneously to compress a specific spread-time 

waveform. This is achieved by programming the filter to apply the conjugate of the sum 

of the antenna link spectral phase and the spread-time waveform spectral phase. Hence by 

transmitting the spread-time waveform from the transmit antenna, we will obtain a 

compressed pulse at the output of the RF photonic phase filter corresponding to each path 

from the transmit antenna to the receive antenna. Compression of the spread-time 

waveform at the receiver should also provide gain in RF peak power and improve the 

SNR.  

Fig. 3.9 shows the experimental setup, which is similar to the LOS setup of Fig. 

3.3, but with a pattern generator providing the input electrical signal. Here we use the 

pattern generator from an Agilent N4901B Serial Bit Error Rate Tester, which we 

program to generate a periodically repeating PR sequence of 15-chip length 

(000100110101111) at 13.5 Gb/s. 

Fig. 3.10(a) shows two cycles of the pattern generator output. The waveform 

observed at the receive antenna is shown as a solid line in Fig. 3.10(b). The dashed line 

shows the simulation result, calculated by convolving the pattern generator output with 

the antenna link impulse response 
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 )()()(  PSLRPS VHV 
 

(3.11) 

where VPS() is the Fourier transform of the input PR sequence (which can be also 

expressed in Fourier series), and VRPS() is the Fourier transform of distorted received 

signal. Clearly the PR sequence pattern cannot be identified due to the distortion 

introduced by the antenna link dispersion.  

 
Fig. 3.9  Experimental setup. 15-chip PR sequence is generated by Agilent N4901 Serial 

Bit Error Rate Tester and transmitted via the wireless link followed by an RF amplifier 

and the RF photonic phase filter. 

 

Fig. 3.10(c) shows the output of the phase filter for two cycles when the pulse 

shaper is quiescent; the signal is similar to that in Fig. 3.10(b). The output of the phase 

filter when it is programmed for dispersion compensation of the antenna link response 

only can be expressed as 
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where VCLRPS() is the Fourier transform of the distorted received signal after 

compensation of antenna link dispersion. The measured received signal with link 

dispersion compensation only is shown as a solid line in Fig. 3.10(d). The ideal 

dispersion compensated PR sequence, assuming an ideal photonic phase filter, is 

calculated by imposing the opposite of the spectral phase extracted from the waveform in 

Fig. 3.2(a) and is shown as a dashed line. With dispersion compensation we can now 

identify the PR sequence pattern, which is marked in the figure by zeros and ones for one 

waveform period. Although the signal remains significantly distorted due to attenuation 

of the higher RF frequencies, which is expected from the low pass response of the 

antenna link evident from Fig. 3.2(b). 
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Fig. 3.10  (a) Generated PR sequence waveform. (b) Experimental and simulated 

distorted PR sequence received through the antenna link as solid and dashed lines 

respectively. (c) Output of the RF photonic filter when the pulse shaper is quiescent. (d) 

Experimental and simulated retrieved PR sequence after compensating the antenna link 

dispersion as solid and dashed lines respectively. (e) Experimental and simulated received 

waveform after compensating the antenna link dispersion and conjugate phase filtering 

the PR sequence waveform in solid and dashed lines respectively. 
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The simulation, which includes the frequency dependent amplitude response of 

the link through the |HL()| factor, is in excellent agreement with the measurement 

results; this provides evidence that the phase response of the link is well compensated. 

The output of the phase filter after programming the pulse shaper to compensate 

both the antenna link dispersion and the PR sequence waveform spectral phase can be 

written as 
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(3.13) 

The measurement result is shown in Fig. 3.10(e) by a solid line, while the dashed 

line shows the simulation result assuming an ideal photonic phase filter programmed 

according to (3.13). Clearly each period of the transmitted PR sequence is compressed to 

a single, almost bandwidth limited pulse. This signifies that compression via spectral 

phase compensation is robust against distortion arising from frequency dependent 

amplitude response. These results, which demonstrate high quality pulse compression 

even when superimposing two different frequency dependent phase functions, illustrate 

the flexibility and accuracy provided by our programmable RF photonic phase filtering 

approach. 
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4.  TUNABLE PROGRAMMABLE RF PHOTONIC FILTER BASED 

ON OPTICAL COMB SOURCE 

 

 

 

For the first time, we demonstrate multitap microwave photonic filtering based on 

an optical comb source and a dispersive medium. Essentially an optical comb consists of 

an evenly spaced set of narrow linewidth optical tones, in which both the frequency 

spacing and the absolute frequencies remain approximately constant. By using an optical 

comb, we are able to exploit line-by-line pulse shaping [69] to manipulate the intensities 

of individual frequency tones. This enables programmable apodization of the tap 

amplitudes, which allows us to achieve clean bandpass filter shapes with more than 35-

dB sidelobe suppression (SLS) [61].  

Furthermore, we demonstrate a new scheme, based on passing the comb through 

an interferometer into which the modulator is embedded, that makes possible tuning of 

the RF passband frequency while maintaining independent programmable apodization 

capability. Both apodization and RF frequency tuning exploit the narrow optical 

linewidth, hence long coherence time, of optical comb sources, which is in sharp contrast 

to many traditional microwave photonic filtering approaches based on short coherence 

time sources. 

We note that in [5] the electrical signal is modulated on a CW laser followed by a 

hyperfine resolution FT pulse shaper and O/E conversion that provides programmable 

optical filter functions which are mapped directly into the RF domain. In other words 

there is a direct mapping between the spectral amplitude response of the optical filter 

(with respect to the laser carrier frequency) and the spectral amplitude response of the 

resulting RF filter (referenced to baseband). Although in our current scheme using a comb 

of optical frequencies, the shaped optical power spectrum is mapped into the time domain 
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by utilizing a dispersive element; hence the spectral response of the realized RF filter is 

related to the Fourier transform of a scaled optical filter function. The SLS in [5] is 

limited by the line shape of the virtually imaged phased array device and the extinction of 

the SLM used in the hyperfine pulse shaper. Here the SLS is limited primarily by the 

precision with which the optical spectrum is apodized. As a result here we achieve 10-dB 

higher SLS compared to [5]. 

 

4.1 Programmable Microwave Photonic Filter Based on Single-Sideband 

Modulation and Line-by-Line Optical Pulse Shaping 

Fig. 4.1 shows our experimental setup. An optical comb generated by a strongly 

phase modulated CW laser based on the technique shown in [70] is passed through a line-

by-line pulse shaper in which we control the intensity of the comb lines. The line-by-line 

optical pulse shaper [71] is based on FT pulse shaping [35].  

 
Fig. 4.1 Configuration of programmable microwave photonic filter.  

 

After amplification through an EDFA the comb is SSB modulated in a dual-drive 

MZ modulator biased at a quadrature point (half power point or in other words at V/2) 

and driven by a pair of RF signals with 90-degree phase difference [72]. The modulator 

output is sent through a dispersive fiber. The output optical signal is detected using a 

photodiode and measured by a vector network analyzer (VNA).  

We use a 90-degree hybrid splitter with a BW of 1 to 12.4 GHz and the maximum 

phase imbalance of ±7 degrees. A CW laser with 1-kHz linewidth is sent through a phase 

modulator driven at 20 GHz followed by an IM driven at 10 GHz to generate an optical 

comb [70]. A dual-drive MZ modulator with a half wave voltage of 4.5 V at 1 kHz and 3-

dB optical BW of 12.2 GHz is used. We use a dispersion compensating fiber (DCF) with 

a specified chromatic dispersion of -1259.54 ps/nm at 1550 nm and relative dispersion 
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slope (the ratio of dispersion slope to dispersion at 1550 nm) of 0.00455/nm, resulting in 

delay difference of 96 ps between adjacent 10-GHz spaced comb lines (taps). The PD has 

a 3-dB BW of 22 GHz with a responsivity of 0.6 A/W. We measure the filter transfer 

functions using a VNA over a span of 300 kHz to 20 GHz. 

 

4.1.1 Theoretical model 

We assume an optical comb consisting of N lines and write its electric field as  
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where pn, n and n are the optical intensity, angular frequency and phase of the n th line 

respectively, and c.c. stands for the complex conjugate of the first term on the right side. 

For a comb the optical frequencies satisfy n=0+n, and the intensity of the comb 

source is periodic at repetition frequency . Later we will see through derivations that 

the initial phases of the lines do not affect the RF filter function, which is also verified by 

an experiment. The RF electrical signal is split into two equal RF signals with 90 degree 

phase difference using a broadband 90-degree hybrid splitter [56]. The RF outputs are 

applied to the two arms of the MZ modulator. Each of the comb lines undergoes a SSB 

modulation. The output electric field corresponding to the n th line can be written as 
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where vRF is the voltage amplitude of driving RF signal into the 90-degree hybrid splitter, 

and V is the half wave voltage of the MZ modulator. Assuming vRF<<V we can 

approximate (4.2) as 
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where the first term in the brackets is the output optical carrier and the second term is the 

higher frequency sideband generated at n+RF. We note that here we make assumptions 

which result in ideal single sideband modulation; however, deviations from these 
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assumption lead to unbalanced double sideband modulation. The microwave photonic 

link frequency response for an unbalanced double sideband modulation is theoretically 

treated in Appendix B and its impact on the filter transfer function is investigated through 

simulation compared to experiment.  

After propagation through a dispersive medium, the electric field can be written as 
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where () is the quadratic phase introduced by the chromatic dispersion [65] given by 
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where the coefficient 2 relates to the dispersion parameter D (in ps/nm/km) as 
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At the PD the total optical electric field can be written as 
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The PD output current is given by 

 
2

)()( teti   (4.8) 

where  is the responsivity of the PD, and   stands for averaging over the optical 

oscillations [67]. After working out the math, we can see that i(t) will have terms at 

frequencies of m and m±RF where m is an integer. m are RF frequencies 

representing beating between comb lines, and m±RF are RF frequencies representing 

beating between comb lines and sidebands. In order to operate the filter in a spur free 

regime (we have neglected the nonlinearity of the modulator by the approximation made 

in (4.3)), the usable frequency span should be limited to a single Nyquist zone, which 

runs from m/2 through (m+1)/2, where m is nonnegative integer. We note that in 

VNA measurements these spurs do not appear. If desired, a low pass filter with a cut-off 

frequency of /2 may be used to limit operation to the lowest Nyquist zone (m=0). 
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Alternately, a bandpass filter centered at frequency (2m+1)/4 and bandwidth /2 may 

be used to limit operation to a single Nyquist zone for m≥1.  

After simplification we can show that the component of the current with 

frequency RF is given by 
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By substituting in the quadratic phase from (4.5), we find 
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Therefore we can write the filter transfer function as 

 
















1

0

2 2

22
1

)(
N

n

jn

n

j

RF
RF

RFRF

epeH







  (4.11) 

We notice that the filter spectral amplitude response is periodic in frequency with 

a FSR of  

 
T

FSR
11

2







 (4.12) 

where T=2 is the differential delay between taps. By taking an inverse Fourier 

transform of (4.11) we can write the time domain impulse response as 
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We note that while 2 is negative for a DCF resulting in negative T, -1 is the 

total group delay of dispersive fiber and always large enough to guarantee that h(t) 

satisfies causality. The impulse response is a scaled version of the comb spectrum, which 

is the consequence of frequency-to-time mapping in a dispersive medium. For pn≥0 the 

bandpass filter is at m/T where m is an integer. We can shape the filter function by 

apodizing the pn’s. From here on we neglect the multiplicative factor preceding the 

summation sign in (4.11) since it only has spectral phase.    
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The microwave photonic filters which we implement are based on the concept of 

multitap delay line filters that can be modeled by FIR filters. These filters have been fully 

studied in digital signal processing as discrete-time FIR filters [73, 74].  

 

4.1.2 Experimental results 

In order to compare our experimental results with simulation we make some 

assumptions. We run our simulations based on (4.11); however, this relation does not 

include some of the factors affecting the overall frequency response of our filter. The 

cable loss, the modulator transfer function, and the PD response are all frequency 

dependent and roll off for higher frequencies. Since we do not have an accurate measure 

of all these frequency responses, therefore we introduce a way to subtract these effects 

from experimental results, so that we end up with plots which can be compared with 

simulation results. In order to measure the frequency roll-offs, we remove the dispersive 

fiber from our setup and connect the output of modulator directly to the PD. Thus we do 

not have the filtering response due to tapped delay lines. Then we measure the transfer 

function and also record the optical power measured at the PD. Fig. 4.2 shows the filter 

transfer function, plotted in RF gain units, when we remove the DCF and the optical 

power into the PD is about 5.5 dBm. A thorough derivation of RF gain for the microwave 

photonic filters in this chapter is given in Appendix C. 

 
Fig. 4.2  The photonic link frequency response without DCF. 
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Although Fig. 4.2 is measured using the optical comb source, a similar curve is 

obtained using the CW laser directly provided that the optical power is held constant. 

Most of the roll-off up to ~12 GHz arises from the frequency response of the modulator 

which is a well known linear roll-off in logarithmic scale. We also note that 3-dB optical 

BW of the modulator translates into 6-dB drop in the RF gain [67]. The measured transfer 

function includes all the losses and roll-offs. In comparing our experimental results with 

simulation, we subtract this transfer function from our measured filter transfer functions 

while correcting for optical power applied to the PD. 

Fig. 4.3(a) shows the optical comb at the PD measured using an optical spectrum 

analyzer (OSA) when there is no programming applied to the SLM in the line-by-line 

pulse shaper. As we notice, the comb is not uniform and the intensity of the lines has 

large variation from one to the other. This is a characteristic common to many comb 

sources, such as ours, based on strong periodic phase modulation of a CW source.  

Fig. 4.3(b) shows the normalized filter transfer function as a solid line and the 

simulated filter transfer function as a dashed line. The filter has a 3-dB BW of ~510 MHz 

and the main SLS is 9 dB. The location of the bandpass filter gives us the FSR of filter 

which is 10.4 GHz, and is in agreement with the 96-ps tap delay. As we see there is a 

close agreement between simulated and measured filter functions. The vertical dashed 

lines separate the Nyquist zones; the filter can be used in a regime free of sampling spurs 

over the span of any one of these zones. This statement also holds for the rest of the 

transfer function plots.   

Next we apodize the optical comb with a Gaussian apodization using the line-by-

line pulse shaper which is shown in Fig. 4.4(a) measured by an OSA. Due to the Fourier 

transform property of the Gaussian function and frequency to time mapping of the 

dispersive medium, we expect the filter transfer function also to have a Gaussian profile 

in which the sidelobes are highly suppressed. Fig. 4.4(b) shows the normalized filter 

transfer function as a solid line and the simulated filter transfer function as a dashed line. 

As we see there is a close agreement between simulated and measured filter functions. 
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The filter has a 3-dB BW of ~630 MHz, and the sidelobes in 1 to 12 GHz are suppressed 

by more than 35 dB and close to 40 dB, in agreement with the simulation.   

 

 
Fig. 4.3  (a) Unapodized optical frequency comb. (b) Normalized and simulated filter 

transfer functions in solid and dashed lines respectively. The vertical dashed lines depict 

individual Nyquist zones, where m refers to the zone number, explained earlier in the 

text. The filter can be used in a spur free regime within the span of any one of these 

zones. 

 

The filter parameters such as sidelobe suppression (SLS) and bandwidth for an 

ideal Gaussian profile comb with respect to the number of comb lines and apodization are 

further investigated based on (4.11) through simulation in Appendix D.    

We attribute the higher noise levels for frequencies above ~12 GHz both to our 

normalization process, in which the negative slope plot in Fig. 2 is subtracted from the 

experimental results, and to the higher noise floor of our VNA above 10 GHz. We note 

that the noise floor of VNA is governed by the bandwidth of intermediate frequency (IF) 
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filter of VNA. This filter limits the noise input to the second port of VNA in measuring 

S21. In other words the IF bandwidth defines the integration time. Assuming a white 

noise, the noise floor decreases inversely proportional to the IF bandwidth. Hence a lower 

noise floor measurement corresponds to a longer sweep time.  

Here we remind the reader that as we pointed out in 4.3.1, a variety of tones, at 

frequencies m and m±RF, are present at the output of our filter. Although in a 

VNA measurement, which is based on coherent mixing with a reference tone, only a 

signal with frequency equal to that transmitted from the VNA is acquired. In other words 

a VNA measures the scattering parameters which correspond to the linear response of 

filter.  

 
Fig. 4.4  (a) Gaussian apodized optical frequency comb. (b) Normalized and simulated 

filter transfer functions in solid and dashed lines respectively. 
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Mixing tones resulting from the periodic sampling process inherent in our optical 

comb based filter implementation are not recorded. We note that due to the limited length 

of DCF available, the filter passband in the experiments of Fig. 4.3 and 4.4 occurs at 10.4 

GHz, close to the beat term at the comb repetition frequency (f10 GHz) as well as the 

sampling spur at the frequency of 2-RF. Also it is worth to mention that since the total 

delay inside the microwave photonic filter is large due to presence of DCF, the VNA 

should be run in stepped sweep mode to make sure that the RF tone input to the second 

port has the same frequency as the local oscillator inside the VNA.   

 
Fig. 4.5  (a) Normalized and simulated filter transfer functions for unapodized comb in 

solid and dashed lines respectively. (b) Normalized and simulated filter transfer functions 

for apodized comb in solid and dashed lines respectively. 

 

By using comb sources with higher repetition frequency, unwanted beat terms and 

spurs can be pushed to higher frequencies. Alternately, with increased dispersion the 
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bandpass can be shifted to lower frequency to avoid the beat terms. Fig. 4.5 shows 

normalized and simulated filter transfer functions for experiments in which we added 

additional DCF to increase the dispersion by about 32.5 %. The filter passbands are 

shifted to 7.85 GHz, as expected, near the center of the m=1 Nyquist zone. Therefore, if 

these filters are operated near their bandpasses, the nearest spurs will be few GHz away. 

The filter corresponding to the unapodized comb has a 3-dB BW of 394 MHz, and the 

main SLS is 12.5 dB. The appearance is qualitatively similar to Fig. 4.3(b); however, the 

details differ due to different details in the unapodized comb spectrum. The filter for 

Gaussian apodized comb has a 3-dB BW of 567 MHz, with sidelobes between 1 to 12 

GHz suppressed by more than 37 dB. 

 

4.1.3 Importance of apodization accuracy 

We note that however the comb in Fig. 4.4(a) has been apodized for a target 

Gaussian profile, the actual profile has small deviations compared to an ideal Gaussian. 

Fig. 4.4(a) deviates from a quadratic profile by 0.37 dB in terms of root mean square. 

According to our MATLAB simulations, the 30-line ideal Gaussian which is the best fit 

to our actual comb spectrum would exhibit SLS of more than 63 dB where the filter 

transfer function is shown in Fig. 4.6. Therefore extremely clean filter shapes should be 

possible via our technique; however, very accurate apodization will be essential for 

achieving the highest quality filters. 

 
Fig. 4.6  Simulated filter transfer function for an ideally Gaussian apodized comb. 

 



 

 

72 

4.1.4 Role of comb lines spectral phase 

It is also worth discussing the role of the phase of the optical comb lines out of the 

comb generator. Generally, the output of a comb generator such as ours, based on strong 

phase modulation of a CW laser, is not a train of bandwidth limited pulses. Although 

when desired, we can use the line-by-line pulse shaper to correct the phases of the comb 

lines, which does produce a train of bandwidth limited pulses (in other words a phase-

compensated comb). As predicted earlier by (4.11), the spectral phase of the optical comb 

source, n, used as the sampling signal does not affect the RF filter response. This 

prediction is valid in our experiments conditioned to neglecting the photodiode 

nonlinearity for pulsed input. Due to low optical power levels in our experiment the 

nonlinearity of photodiode should be minimal even for pulsed input. Further details on 

pulsed optical links can be found in [75]. For all experiments we use the uncompensated 

comb that its instantaneous optical power varies around its low average power and does 

not produce nonlinearity in the photodiode, except in the following experiment for Fig. 

4.7(b) where we use the compensated comb. 

Instead of the dual-drive MZ modulator depicted in Fig. 4.1, for this experiment 

we used a standard MZ IM with a half-wave voltage of 4.75 V at 1 GHz and a 3-dB BW 

of 35 GHz. Intensity modulation results in a balanced DSB modulation rather than SSB 

modulation. Also for this experiment we employed a SMF with a length of about 70 km 

as the dispersive medium. No apodization is employed in these experiments.   

Fig. 4.7(a) shows the optical comb measured at the PD. Fig. 4.7(b) shows the 

normalized and simulated transfer functions of the filter as solid and dashed lines 

respectively when the phases of the comb lines are compensated using the line-by-line 

pulse shaper. In this case we verified by intensity autocorrelation measurements that the 

comb consisted of a train of pulses, periodic at 10 GHz and with approximately 

bandwidth limited pulse durations. This corresponds to at most linear phase across the 

comb lines. We note that in this experiment the filter frequency response is affected by 

the well-known frequency dependent fading effect due to dispersion acting on both 

sidebands; this effect has been included in our simulation [27].  
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Fig. 4.7  (a) Optical frequency comb. (b) Normalized and simulated filter transfer 

functions for compensated comb in solid and dashed lines respectively. (c) Normalized 

and simulated filter transfer functions for uncompensated comb in solid and dashed lines 

respectively. 
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Fig. 4.7(c) shows the normalized and simulated transfer functions of the filter as 

solid and dashed lines respectively when the line-by-line pulse shaper is in a quiescent 

state, in other words the phases of the comb lines are not compensated. Here the time 

domain intensity profile of the comb source, although periodic, consists of only a weak 

modulation on a nearly constant background. The spectral phase, i.e., the comb line 

phases n vary strongly from line to line. 

Measurements giving further details on the phases and temporal behavior of 

compensated and uncompensated combs may be found in [76, 77]. The important point is 

that the data of Fig. 4.7(b) and 4.7(c) are nearly identical. This close agreement verifies 

our prediction that the phases of the input comb lines do not influence the RF filter 

transfer function. 

 

4.2 Tunable Microwave Photonic Filter Based on Single-Sideband Modulation 

and Interferometer 

In order to tune the filter in frequency, we need to apply a phase that increments 

linearly with tap number. This has been done in [11-13]; however, these techniques are 

complicated and limited to small number of taps. Here we demonstrate a technique which 

is intuitive and simple to implement. For an equally spaced set of frequencies, as with an 

optical comb, a phase linearly incrementing with tap number corresponds to a linear 

delay. The RF signal generated at the PD is a result of beating between sidebands and 

their corresponding carriers. Therefore applying a delay on sidebands or on carriers will 

result in the introduction of the desired linear phase into the taps.  

Fig. 4.8 shows our experimental setup. Similar to programmable microwave 

photonic filter which is demonstrated in 4.1, an optical comb is passed through a line-by-

line pulse shaper in which we control the intensity of the comb lines and then amplified in 

an EDFA. The comb is split into two paths using a 3-dB optical splitter.  

The comb through path 1 is SSB modulated and then the modulator output is 

connected to a periodic optical filter in which we suppress the comb lines and instead 

mostly transmit the sidebands. We implement this periodic filter by an interferometer 
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with 100-ps relative delay, which has a transmission with periodic nulls in frequency. 

This device is commonly used for differential phase-shift keying (DPSK) demodulation at 

10 Gb/s. We tune the interferometer so that its frequency nulls match the comb carrier 

frequencies. The SSB modulation with carrier suppression can also be obtained by dual-

parallel MZ modulators in a nested configuration which is available commercially [72]. 

The unmodulated comb in path 2 is passed through a controllable optical delay stage. The 

two paths are coupled back together by a 3-dB optical coupler, and we align their 

polarization by using a polarizer controller in one arm. 

 
Fig. 4.8  Configuration of tunable programmable microwave photonic filter.  

 

4.2.1 Theoretical discussion 

We similarly assume the electric field of the comb lines as in (4.1). Thus by 

combining the output of the modulator and the delayed version of the comb with an 

aligned polarization, we can write the output electric field corresponding to the n th line 

similar to (4.6) as 
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where  is the amount of delay that the delayed path is delayed more than the modulated 

path, 2
 is the ratio of the modulated path intensity to the delayed path intensity after the 

final optical coupler. Here we assumed that the carriers are ideally suppressed in SSB 

carrier suppressed modulation. After propagation through a dispersive fiber, the electric 

field can be written as 
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Similarly we can show that the filter transfer function will be given by 
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The most important point is that the transfer function can be tuned in the 

frequency domain by controlling  the relative delay between two paths. The RF 

frequency shift is given by 

 
22


f  (4.17) 

Therefore a programmable tuning can be achieved by a programmable optical 

delay stage. We also note although the optical phase shift referenced to the carrier 

frequency is transferred directly into the RF domain, it doesn’t affect tuning of the 

filter. That is, the spectral amplitude response of the filter in (4.16) is independent of this 

phase. 

From a practical point of view, obtaining a SSB carrier suppressed modulation is a 

difficult task. Errors in fabrication of dual-parallel MZ modulators, imbalance of RF 

signals’ strength, and imbalance of 90-degree hybrid splitter result in non-ideal operation 

and presence of residual carrier after modulation. Also the thermal drift and sensitivity to 

biasing voltages lead us to a controlling circuitry with a feedback loop for biasing the 

modulator. Here we briefly explain what will happen in the presence of residual carrier. 

The beat between the sidebands from the modulated path and the carriers through the 

delayed path will result in a tunable filter as (4.16), but also the beat between the 

sidebands and the carriers through the modulated path results in a non-tunable filter 

which is given by (4.11). By neglecting the common multiplicative spectral phase factor 

preceding the summation sign in (4.11) and (4.16), we can write the overall filter 

frequency response as 
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We point out a few assumptions that we have made in our analysis above. First, 

we have assumed the coherence time of individual optical comb lines is large compared 

to the small delay between modulated and delayed paths. This is easily satisfied for 
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practical comb sources. Note however that spectral sliced ASE sources, used in [10] for 

example, do not meet this coherence time criterion and cannot be employed in our 

scheme. Also we assume that the polarizations are aligned and that there are negligible 

polarization rotation fluctuations. Finally, note that when the intensity in the modulated 

path is much less than the intensity in the delayed path, in other words for small values of 

, we can ignore the first term on the right side of (4.17), and it will be simplified to 

(4.16).  

Here we briefly explain what coupling ratio should be chosen for the optical 

splitter and coupler in our scheme. For the given optical power input to the splitter, we 

can show that the desired RF signal with a frequency of RF (or in other words the filter 

transfer function) generated at the PD is also proportional to 

 )1()1()(  RFH  (4.18) 

where  and  are the splitter and coupler coupling coefficients in terms of power. As we 

can see the above expression is maximized when  and  are chosen equal to 0.5, or in 

other words we choose 3-dB splitter and couplers. 

 We note that the DPSK demodulator interferometer which we use for carrier 

suppression also alters the frequency response of our implemented filters; however, this 

change is irrelevant when a SSB carrier suppressed modulation is used. The filter transfer 

function in presence of DPSK demodulator interferometer is given by 
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where  is the ratio of the nulls’ amplitude to the peaks’ amplitude of demodulator 

interferometer in terms of power transmission, or in other words -10log10 (dB) is the 

degree of extinction with which the demodulator interferometer suppress the carriers. 

Here we assumed 3-dB splitter and coupler. For small values of  the first term in 

brackets on the right side vanishes and (4.19) will simplify as  
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4.2.2 Experimental results 

Now in order to demonstrate filter tunability, we configure our setup as in Fig. 

4.8. As we discussed earlier we use 3-dB splitter and coupler to obtain the minimum loss. 

To measure the Gaussian apodized optical comb at the PD, shown in Fig. 4.9(a), we 

disconnect the modulator path. The normalized filter transfer function is plotted in Fig. 

4.9(b) in solid line. The filter passband occurs at 2.1 GHz which corresponds to a relative 

delay of m.100-20 ps, where m is an integer. We use (4.20) to simulate the filter transfer 

function which is shown in Fig. 4.9(b) in dashed line.  

In order to show tuning we reduce the delay in the delayed path by 30 ps and we 

measure the transfer function. We expect the bandpass filter shifts by 3.12 GHz to higher 

frequency. Fig. 4.9(c) shows the normalized and simulated transfer functions in solid and 

dashed lines respectively where the passband occurs at 5.25 GHz. The frequency shift is 

very much as expected given the change in relative delay. The filter of Fig. 4.9(c) has a 3-

dB BW of ~720 MHz and 36-dB SLS over 0-10 GHz. These results confirm our 

prediction that filter tuning is possible, without baseband response and without significant 

change in passband width, by varying delay in an interferometric setup. 

Compared to Fig. 4.4, Fig. 4.9 shows higher noise and some spurious peaks which 

we discuss briefly in the following. First, we believe that the spurious peaks around 8.5 

and 11.4 GHz in Fig. 4.9 (b) and (c) respectively arise due to undesired reflection in our 

setup. In effect this could lead to an unwanted weak interference component with a 

different delay, corresponding to a different passband frequency. Therefore, for future 

experiments care should be taken to reduce reflections, possibly taking advantage of 

optical isolators. On the other hand the degradation of the 90-degree hybrid splitter above 

12.4 GHz, not included in our simulations, results in unbalanced DSB modulation which 

can also produce undesired filter responses for frequencies above 12.4 GHz, to which we 

attribute the spurious peak at 18.7 GHz in Fig. 4.9(b). Finally we attribute the very weak 

peaks at 10.4 GHz in Fig. 4.9 (b) and (c), which are more than 40-dB down compared to 

passband peak at 5.25 GHz in Fig. 4.9(c), to finite extinction of the carrier in the 

modulator path.  
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Fig. 4.9  (a) Gaussian apodized optical comb. (b) Normalized and simulated filter transfer 

functions for m.100-20 ps relative delay in solid and dashed lines respectively. (c) 

Normalized and simulated filter transfer functions for m.100-50 ps relative delay in solid 

and dashed lines respectively. 
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As in Fig. 4.8(b), any remaining carrier is expected to contribute a peak at the 

filter FSR, 10.4 GHz. We also notice from (4.20) that the use of a filter for carrier 

suppression in our tuning experiments of Fig. 4.9 leads to a sin(RF/) frequency 

dependent attenuation factor that is not present for the data of Fig. 4.4; this effect has 

been taken into account in our simulation.  

Also as predicted in (4.18), for fixed input optical power, the interferometric filter 

configuration provides lower RF gain compared to the single path (noninterferometric) 

configuration. For 3-dB splitter and coupler the theoretical RF gain decreases by 12 dB. 

Hence, we expect that our bandpass filter tuned to 5 GHz has a 12-dB lower RF gain 

compared to Fig. 4.4(b). The bandpass filter at 5.25 GHz in Fig. 4.9(c) has 15-dB higher 

loss which agrees closely since the DPSK demodulator interferometer has an additional 

insertion loss of about 2 dB. In the future it should be possible to restore some of the 

reduced RF gain by using a complementary modulator configuration with differential 

detection [78].  

Finally we scan the delay stage in increments of 0.9375 mm (round trip delay of 

6.25 ps) and measure the filter transfer function. The center of filter’s passband as a 

function of the relative delay is plotted in Fig. 4.10. The solid circles show the measured 

filter’s passband center and the solid line shows a linear fit to the experimental results. 

The fit has a slope of 0.1025 GHz/ps.  

 

Fig. 4.10  Tunable filter passband center vs. relative delay . 
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This corresponds to 10.25-GHz frequency shift for a relative delay of 100 ps, 

which introduces a 2-incremental phase shift between adjacent taps; this closely agrees 

with the measured FSR of 10.4 GHz. The maximum deviation of the linear fit from the 

experimental results is 117 MHz. This clearly confirms the linear frequency tuning with 

respect to the programmable delay predicted by (4.17).  

 

4.3 Tunable Microwave Photonic Filter Based on Single-Sideband Modulation, 

Phase-Programming Optical Pulse Shaper and Interferometer 

As we discussed in previous part the linearly incrementing phase introduced into 

taps can be done by relatively delaying one of the arms in our interferometric scheme. 

Although the line-by-line pulse shaping setup which is used to apodize the comb lines 

intensities can also be utilized to impose an arbitrary phase onto comb lines. Therefore a 

multitap microwave photonic filter with complex tap coefficients can be realized. Here for 

the proof of concept we apply an evenly increasing or decreasing phase across comb lines 

that corresponds to a programmable delay and we can tune the bandpass filter location. 

Fig. 4.11 shows our experimental setup which is similar to Fig. 4.8 except that the 

pulse shaper is relocated to after the modulator. We have removed the DPSK demodulator 

to avoid higher loss in modulated path but the splitter and coupler coupling coefficients 

and the losses in modulator and the line-by-line pulse shaper are such that the carriers at 

the end of path 1 are about 20-dB weaker than the carriers in path 2. 

 
Fig. 4.11  Configuration of multitap microwave photonic filter with complex coefficient 

taps.  

 

Similar to (4.17) we can write the filter transfer function as  
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where n are the phase applied by the line-by-line pulse shaper, and  is the relative delay 

between two path. For small  (here equals to -20 dB) we can neglect the first term on the 

right side of equation and we will have 
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As we notice in (4.22) there are two mechanisms which can tune the bandpass 

filter location; controlling the relative optical delay between two paths or introducing 

linear spectral phase across comb lines. In order to measure the comb at the PD which is 

shown in Fig. 4.12(a) the path 1 was disconnected.  

 

 
Fig. 4.12  (a) Unapodized optical frequency comb. (b) Normalized and simulated 

filter transfer functions in solid and dashed lines respectively. 
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Fig. 4.12(b) shows the filter transfer function measured using VNA in solid line 

when the pulse shaper is quiescent. Here also in order to account for the modulator roll-

off we normalize the measured transfer function by the transfer function in the absence of 

DCF similar to 4.3.2. We note that the filter passband is located at 3.3 GHz which 

corresponds to relative delay of 31.7 ps since we assume zero phase is applied to the 

comb lines. We calculate the filter transfer function using (4.22) which is plotted as a 

dashed line in Fig. 4.12(b).  

Now we apply a linearly decreasing phase in steps of /8 to the comb lines by 

programming the line-by-line pulse shaper. The normalized measured filter transfer 

function is shown in Fig. 4.13(a). As we expect the filter passband shifts to higher 

frequencies by 0.7 GHz which is in close agreement with the theoretical value of FSR/16 

= 0.65 GHz.  

 

 
Fig. 4.13  The normalized measured filter transfer functions for a linearly increasing 

phase in steps of -/8, /8, /4 and /2 in (a), (b), (c) and (d) respectively. 
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The normalized measured filter transfer functions for a linearly increasing phase 

in steps of /8, /4 and /2 are shown in Fig. 4.13 (b), (c), (d) respectively, and the filter’s 

passbands occur at 2.68, 2 and 0.77 GHz. We note that the filter passband location can be 

tuned by programming the line-by-line pulse shaper as a linear spectral phase filter which 

corresponds to a programmable delay in path 1. From practical point of view it is 

advantageous to embed the pulse shaper into path 2 since the spatial location of comb 

lines with respect to SLM pixels is fixed; however, the spatial location of sidebands also 

depends on radio frequency which can degrade the performance of the filter due to finite 

resolution of the pulse shaper. We also note that the tap intensities still can be apodized 

by programming the transmission of the pulse shaper since tap intensity is a product of 

carrier electric field in path 2 and the sideband electric field in path 1.  

This scheme enables to arbitrarily program the taps’ phase and amplitude. In other 

words, a user defined FIR multitap filter with complex coefficients can be implemented 

through this scheme.  

 

4.4 Tunable Microwave Photonic Filter Based on Intensity Modulation and 

Interferometer 

To achieve SSB modulation a dual-drive modulator and a 90-degree hybrid are 

necessary. In Fig. 4.11 we also utilize a two-arm 100-ps interferometer (DPSK 

demodulator) to suppress the optical carriers. In order to eliminate extra component and 

cost while significantly reducing the electrical complexity we introduce a new scheme 

which is based on an IM biased at its minimum transmission resulting in balanced DSB 

modulation with carrier suppression. Coherent detection in an RF photonic link with a 

single CW input laser based on an IM biased at its minimum transmission has been 

already investigated in [79].  

Fig. 4.14 shows our experimental setup similar to Fig. 4.11 where we replace 

dual-drive modulator and hybrid with an IM. We note that this scheme which is similar to 

[6] enables controlling individual taps using the line-by-line pulse shaping while in 
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contrast it doesn’t suffer from residual passband response and it is simpler since it doesn’t 

require a custom designed double input MZ modulator.  

Again we assume the electric field of the comb lines given by (4.1). Assuming a 

chirp free modulator the output electric field corresponding to the n th line can be written 

as 
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Thus by combining the output of the modulator and the delayed version of the 

comb with an aligned polarization, we can write the total electric field corresponding to 

the n th line in the first order approximation as 
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where  is the amount of delay that path 2 is delayed more than path 1. Here we assumed 

that the carriers are ideally suppressed in DSB carrier suppressed modulation. After 

simplification we can show that the component of the current with frequency RF is given 

by 
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Therefore we can write the filter transfer function as 
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The two terms on the right in (4.26) are the transfer functions of two filters with 

an identical spectral amplitude response periodic in frequency with a FSR of 
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The first and second filters are shifted respectively to higher and lower 

frequencies with respect to baseband and its replicas at integer FSRs by the amount  

 
22


f  (4.28) 

We note that photonic links with DSB modulation and dispersive fiber show 

fading at certain frequencies [80]. Although in our interferometric configuration the two 

terms that normally destructively interfere are now split into two different frequency 

passbands, and fading no longer occurs. 

A CW laser with specified 1-kHz linewidth is sent through a phase modulator 

driven at 10 GHz followed by an IM driven at 10 GHz to generate an optical comb. An 

MZ IM with a half-wave voltage of 4.75 V at 1 GHz and 3-dB optical BW of 35 GHz is 

used. We use a DCF with a specified chromatic dispersion of -1259.54 ps/nm at 1550 nm 

and relative dispersion slope (the ratio of dispersion slope to dispersion at 1550 nm) of 

0.00455/nm, resulting in delay difference of 96 ps between adjacent 10-GHz spaced comb 

lines (taps). The PD has a 3 dB BW of 22 GHz with a responsivity of 0.6 A/W. We 

measure the filter transfer functions using a VNA over a span of 300 kHz-20 GHz. 

 

Fig. 4.14  Configuration of microwave photonic filter based on IM biased at minimum 

transmission. 

 

Fig. 4.15(a) shows the optical comb at the PD generated using the scheme in [81] 

when there is no programming applied to the SLM in the line-by-line pulse shaper. As we 

notice, although the comb is relatively flat, the intensity of the lines has some variation 
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from one to the other. This is a characteristic common to many comb sources, such as 

ours, based on strong periodic phase modulation of a CW source.  

Fig. 4.15(b) shows the measured filter transfer function in solid line and the 

simulated filter transfer function in dashed line. The filter has a 3-dB BW of ~245 MHz 

and the main SLS is 16.5 dB. The first filter passband occurs at 2.98 GHz which 

corresponds to a relative delay of m.100+29 ps, where m is an integer. The second 

bandpass occurs at FSR-2.98 GHz as predicted by our analysis. The spacing between first 

and third filter passbands gives us the FSR of filter which is 10.4 GHz. As we see there is 

a close agreement between simulated and measured filter functions.  

 

 
Fig. 4.15  (a) Unapodized optical frequency comb. (b) Measured and simulated filter 

transfer functions in solid and dashed lines respectively. 

 

Next we apodize the optical comb with a Gaussian apodization which is shown in 

Fig. 4.16(a) using the line-by-line pulse shaper. To measure the Gaussian apodized 

optical comb at the PD we disconnect the modulator path.  
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Due to the Fourier transform property of Gaussian function, we expect the filter 

transfer function also to have a Gaussian profile in which the sidelobes are highly 

suppressed. Fig. 4.16(b) shows the measured filter transfer function in solid line and the 

simulated filter transfer function in dashed line. As we see there is a close agreement 

between simulated and measured filter functions. The filter has a 3-dB BW of ~340 MHz, 

and the sidelobes between 0 to 10 GHz are suppressed by more than 26 dB and mostly by 

32 dB, in agreement with the simulation. 

 
Fig. 4.16  (a) Gaussian apodized optical frequency comb. (b) (c) (d) Measured and 

simulated filter transfer functions for relative delays of m.100+29 ps, m.100+10 ps and 

m.100+48 ps in solid and dashed lines respectively. 

 

We note that although the comb in Fig. 4.16(a) has been apodized for a target 

Gaussian profile, the actual profile has some deviations compared to an ideal Gaussian. 

Fig. 4.16(a) deviates from a quadratic profile by 0.47 dB in terms of root mean square. 

According to our MATLAB simulations, the 56-line ideal Gaussian which is the best fit 

to our actual comb spectrum would exhibit SLS of more than 72 dB. Therefore extremely 
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clean filter shapes are potentially possible via our technique, although very accurate 

apodization will be essential for achieving the highest quality filters.  

Now in order to demonstrate filter tunability, we control the delayed path. The 

measured filter transfer function is plotted in Fig. 4.16(c) in solid line. The bandpass filter 

occurs at 1.02 GHz which corresponds to a relative delay of m.100+10 ps, where m is an 

integer. The sidelobes are suppressed by more than 31 dB. We use (4.26) to simulate the 

filter transfer function which is shown in Fig. 4.16(c) in dashed line. In order to show 

tuning we increase the delay in the delayed path by 38 ps and we measure the transfer 

function. We expect the first filter passband in Fig. 4.16(c) to shift by 4 GHz to higher 

frequency. Fig. 4.16(d) shows the measured and simulated transfer functions in solid and 

dashed lines respectively where the first and second bandpasses occur at 4.99 and 5.4 

GHz respectively. The frequency shift is very much as expected given the change in 

relative delay. Now in this limiting case the two transfer functions in (4.26) partially 

overlap resulting in a wider bandpass filter. The filter of Fig. 4.16(d) has a 3-dB BW of 

~820 MHz and 27-dB SLS. 

 

 

 

 

 

 

 

 

 

 

 

 

 



 

 

90 

 

 

5.  SUMMARY AND FUTURE PROSPECT 

 

 

 
In the past few years, many techniques have been developed for photonic 

generation of electrical signals, which later on received great attention due to growing 

radio-over-fiber (RoF) technology. This has been in response to the growing need for 

higher data rates in communication systems which result in large bandwidth signals. The 

primary limiting factor in handling these large bandwidth signals has been the generating 

and processing interfaces of wireless transmitters and receivers. Although these large 

bandwidth electrical signals have been realized through photonic techniques and 

developing electronic techniques, technology for fast processing and filtering of these 

signals is still missing. Therefore we have investigated photonic techniques for 

processing of ultra-broadband RF waveforms at receiving front end. These techniques can 

find wide spread use in many ultra-broadband communication settings. 

Essentially the photonic processing techniques investigated in our research can be 

modeled as an RF photonic link which has been studied for many years [82]. One of the 

important parameters of an RF photonic link is noise figure which is a function of 

insertion loss, laser induced noise and photodetector thermal noise. The insertion loss 

which is currently considerable in our demonstrated techniques dominates the noise 

figure leading to the degradation of SNR. The insertion loss of an RF photonic link is 

governed by few factors; the half wave voltage of the MZ modulator, the optical source 

power, the optical insertion loss of the optical elements such as optical pulse shaper and 

dispersive fiber, and the responsivity of the photodetector. Recent efforts have led to 

modulators with half-wave voltage less than 1 V [83] which results in much lower RF 

photonic link loss. The optical source power can be increased to obtain a lower loss RF 

photonic link or even turn an RF photonic link into an amplifier [84]; however, this is 
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ultimately limited by the power handling of the optical components and more importantly 

the photodetector. Although the implementation of free space optical pulse shapers with 

lower insertion loss is theoretically possible, the integration of optical pulse shapers can 

significantly decrease their insertion loss and improve their robustness while greatly 

reducing their size [85]. Utilization of very low loss DCF or fiber Bragg grating can 

provide large amount of dispersion while having low loss which can even further reduce 

the RF photonic loss of our microwave photonic filters demonstrated in chapter four. 

Finally large bandwidth photodetectors with higher power handling and higher efficiency 

can decrease the RF photonic link loss [86]. 

Recently there has been a lot of ongoing research in the integration of photonics 

onto chip level devices. This was initiated by optical interconnects to enable the transfer 

of high data rates between processors in next generation computers [87]. In order to be 

compatible with electronic technology the photonic device research for interconnect 

applications has been mainly focused on silicon technology which is referred as silicon 

photonics [88]. Silicon photonics has been a promising technology to integrate photonic 

devices such as lasers, modulators, couplers, splitters, multiplexers, demultiplexers, 

switches, delay lines, dispersive waveguides, resonators, array waveguide gratings, 

photodetectors, etc. [89-95] into low loss, small size, high reliability, and low cost on-

chip devices. Although all these devices has not been yet fabricated on a single chip to 

implement an on-chip optical interconnect, they provide the building blocks of our 

demonstrated photonic processing techniques that can potentially enable full integration 

of these techniques into silicon photonics. We note that micro ring resonators integrated 

into silicon photonics has been already utilized to demonstrate photonically assisted RF 

arbitrary waveform generation [22] and microwave photonic notch filter [96]. 

Finally the dynamic range of our proposed techniques also follows the dynamic 

range of an RF photonic link which is mainly governed by the nonlinearity of MZ 

modulator and photodiode. The linearity of RF photonic links has been well investigated 

and there is still ongoing research in this field [97]. Other forms of RF photonic links 

with different modulation formats and detection schemes may be adopted in order to 
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improve the dynamic range and the noise figure in our proposed photonic processing 

techniques [98]. 

 

5.1 Fast Real-Time Ultra-Broadband RF Waveform Identification  

We demonstrated ultra-broadband RF photonic matched filters for the 

compression of arbitrary RF waveforms with time apertures larger than 700 ps, in excess 

of 15-GHz spectral content and almost 200% fractional bandwidth. It is worth noting that 

the longest waveform time apertures which this filter can process is limited by the 

spectral resolution of hyperfine optical pulse shaper, and the shortest time domain 

features is defined by the filter total bandwidth. In other words the complexity of the 

waveforms is given by their time-bandwidth product corresponding to the filter time-

bandwidth product. A 2-D optical pulse shaper can process high complexity waveforms 

however for the price of a much larger bandwidth [99]. Since RF systems have ultimate 

limitations on their bandwidth, to be able to process high complexity RF waveforms 

using this filter a hyperfine optical pulse shaper with a narrower spectral resolution is 

necessary. As an application example the compression of chirp waveform technique 

which we demonstrated in chapter two can be utilized to implement the scheme proposed 

in [100] for multi-access communication system. 

 

5.2 Toward Dispersion Free Wireless Communication Systems 

 Although low dispersion antennas are available, but depending on directivity, 

size, etc. in a wireless link, antennas may be utilized which induce nonlinear spectral 

phase resulting in distortion of received signal while other RF components in the 

transmitter and receiver may also contribute a nonlinear spectral phase into the signal. 

Therefore programmable spectral phase filters which can overcome dispersion are 

practically appealing. The dispersion arising from antennas becomes more pronounced in 

the transmission of broadband RF signals. We note that this scheme still doesn’t 

compensate the dispersion arising from multipath which results in channel spectral 

amplitude variations.  
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In chapter three we introduced the application of microwave photonic phase filters 

to post-compensate broadband antenna dispersion. We showed how the distorted impulse 

response of a wireless link in LOS can be restored to its bandwidth limit duration in an 

ultra-broadband regime. We further demonstrated how this technique can be utilized in 

radar systems to approach their ultimate bandwidth limit resolution in time domain while 

benefiting from being real time and asynchronous which can significantly improve the 

processing speed [54]. We also investigated that dispersion compensation combined with 

matched filtering at the receiver may be employed for identification of user defined 

waveforms in wireless system. 

Since these microwave photonic filters are essentially based on matched filters 

introduced in chapter two, all the possible improvements mentioned earlier are also 

applicable here. In addition the time aperture of impulse response of dispersive antennas 

is commonly large; hence a microwave photonic phase filter with large time aperture is 

desirable. Due to time-bandwidth product relation, this translates into very high spectral 

resolution in hyperfine optical pulse shapers.      

 

5.3 Microwave Photonic Filter with Large Number of Complex Coefficient Taps  

We presented the application of optical comb sources in multitap microwave 

photonic filters to increase the number of available taps in these filters. We utilized line-

by-line optical pulse shaping as a tool to control the intensity of comb lines which results 

in individually programming of taps’ amplitudes. We demonstrated an interferometric 

scheme to introduce an incremental linear phase into taps by a programmable optical 

delay to tune the location of bandpass filter. By embedding the line-by-line optical pulse 

shaper into one arm of the interferometer the phase introduced onto each tap can be also 

programmed. Therefore we can implement a microwave photonic filter with arbitrary 

complex tap weights which can be used to design variety of filters. The large number of 

taps and apodization of comb profile enables us to implement highly selective 

programmable filters with high sidelobe suppression and sharpness while complex tap 

weights lead us to tunable and more versatile filters. 
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On the other hand the development of optical frequency combs with higher 

repetition rates can increase the usable bandwidth of these filters while higher number of 

comb lines enables more freedom in shaping the bandpass filter. Generation of optical 

combs which inherently possess the desirable apodizations eliminates the need for optical 

pulse shaping [81]. 

As we noted in chapter four these filters suffer from intermodulation distortion. 

This issue invokes for further investigation and research to find techniques which 

eliminate or minimize this undesirable effect [101, 102].  

These filters can be used in ultra-broadband RF systems for filtering where fast 

reconfiguration and tuning are required. Since these filters retain arbitrary FIR, they can 

be utilized in fast processing of analog signals as a counter part of discrete time signal 

processing techniques. A large range of sampling windows and their corresponding 

transfer functions are given in [103] which can be implemented using our scheme. These 

filters can be also used as a part of a RAKE receiver in a multipath environment to 

enhance the performance of RF communication systems [104].  
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A.  Derivation of Gain and Compression Parameters Based on Fourier 

Series 

 

 

 

Here we provide an analysis based on Fourier series which describes the relation 

between a gain parameter, a compression factor, and a bandwidth to characterize the 

performance of a waveform compressor introduced in chapter two. We consider a 

periodic electrical voltage signal vi(t) with a period of Tr which can be written in Fourier 

series as 

 
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 We assume that the amplitudes of Fourier coefficients are equal to S0 for –

r≤n≤BTr in the baseband except a0, and zero elsewhere. The electrical signal spectral 

phase is assumed arbitrary which results in arbitrary relative phase between an’s. We are 

interested in a spectral phase that spreads the signal vi(t) quite uniformly over its time 

aperture which is the same as its repetition period Tr. By appropriately designing this 

spread-time waveform, the power of the waveform may be evenly spread over its time 

window Tr. We assume the signal vi(t) takes definite positive values over its temporal 

window and zero elsewhere. As a result the uncompressed electrical signal vi(t) contains a 

positive DC voltage which is 
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 We also assume that the signal vi(t) has a constant power equal to U where we 

can show through Parseval’s equation that (assuming a unit load) 
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Also we have 
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where 

 rBTm   (A.5) 

From foregoing assumptions we can write 
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By substituting (A.6) in (2.11) we find an expression for the output compressed 

electrical voltage 
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Then we find the compressed pulse peak voltage as 

 002 amSVVV biasc    (A.8) 

The DC level of the output compressed pulse voltage over its temporal window 

can be approximated as 

 2

0

2

0

22 )(
2

1
aVVeLDC biasc    (A.9) 

The term Vbias-V can be made negligible by biasing the IM close to its minimum 

transmission. For an input electrical waveform that spreads extensively enough over time 

the resulting output uncompressed signal DC voltage over its time window will be much 

smaller than the output compressed waveform peak voltage, in other words  

 
VVamS bias  002  (A.10) 

Thus we can show through (A.7) that the compressed pulse FWHM duration tc is 

approximately given by  

 
B

tc

44.0
  (A.11) 



 

 

104 

Defining the maximum peak voltage of vi(t) as Vp, we write the output 

uncompressed waveform peak voltage as 
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Finally by substituting in the gain parameter expression, we will obtain 
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In order to achieve further intuition into (A.13), we provide an approximate 

analytical solution for a simple case. We assume vi(t) as a linear frequency-modulated 

signal with a period of Tr which is given over –r/2≤t≤Tr/2 by 
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If the signal time-bandwidth product is much larger than one, or in other words 

there are many oscillations in the signal temporal window then we can approximate the 

integral in (A.13) as below 
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For U from (A.4) we have 
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The DC level of signal vi(t) is given by 
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Then we can find S0 by substituting for a0 and U in (A.4) as 
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By substituting for S0 in (A.13) we find the gain parameter 
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After simplification we rewrite it as 
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This expression shows that the theoretical gain parameter for a linear chirp signal 

is decreasing by increasing Vbias-V and it takes its maximum value for Vbias=V. For 

Vbias=V which corresponds to a bias point at the minimum transmission of the modulator 

we define the maximum gain parameter 0 

  
rr BTBT
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2
0   (A.21)  

By substituting for B we finally obtain 

  531.0176.00   (A.22) 

Equations (A.21) and (A.22) show that for large values of compression factor, i. 

e., an input chirp waveform has a large time-bandwidth product, the maximum gain 

parameter becomes approximately proportional to compression factor with a factor of 

0.176. This expression gives us a rough estimate of an achievable gain parameter versus 

compression factor. 
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B.  Unbalanced Double-Sideband Modulation 

 

 

 
In chapter four we assumed an ideal SSB modulation in the scheme presented for 

microwave photonic filter. Although obtaining an ideal SSB modulation is very difficult 

which practically results in unbalanced DSB modulation. We can track the ideal SSB 

modulation to few assumptions that we made in our derivations in chapter four.  

In order to have SSB modulation a 90-degree hybrid coupler is essential. 

Although due to fabrication errors the amplitudes of hybrid outputs may not be exactly 

equal and their phase difference may not be precisely 90 degrees. Even if the hybrid does 

have those specifications its performance is frequency dependent and they are only valid 

for a range of frequencies. Later we will present the measurement results of the 90-degree 

hybrid coupler scattering parameters in order to simulate microwave photonic filter with 

unbalanced sidebands.  

On the other hand, the arms of dual-drive MZ modulator may not be ideally 

matched. In other words, the input optical splitter and output optical coupler inside the 

modulator may not have 3-dB coupling coefficient. This will cause an unbalanced DSB 

modulation. Finally the biasing point of the modulator also influences the modulation. 

Deviation from a quadrature point results in unbalanced DSB modulation. Here we 

introduce four parameters which define the deviations from the ideal values. Then we 

provide our derivation to calculate the sidebands and the carrier after modulation. 

We can write the electrical signals applied to the two arms of the modulator as 
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where v is the amplitude imbalance between two electrical signals and ideally it equals 

to one. v is the phase difference between two electrical signals and ideally it equals to 90 

degrees.  

Assuming a CW input to the modulator, we can write the modulator output optical 

electric field as 
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where e0 and  are the modulator input electric field amplitude and angular frequency, m 

is the amplitude imbalance between two waveguides and ideally it equals to one. m is the 

phase corresponding to the modulator bias point which it ideally equals to 90 degrees for 

biasing at quadrature point. By substituting v1(t) and v2(t) into (B.3) we can rewrite it as 
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To the first order approximation for small values of VRF/√2V we can simplify 

(B.4) as 
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Now we find the carrier as 
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We also find the positive and negative sidebands respectively as 

  )()(0 1
24

)( vmRF j

vm

tjRF

s ee
V

Ve
te





 

   (B.7) 

  )()(0 1
24

)( vmRF j

vm

tjRF

s ee
V

Ve
te





 

   (B.8) 

The terms in the brackets in (B.6), (B.7) and (B.8) give the amplitude and phase of 

sidebands and the carrier as a function of parameters which we have defined. For ideal 

values of m=1, v=1, m= andv= we have 
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By biasing the modulator at opposite quadrature the phase m can be set to - 

where the negative sideband will vanish and the positive sideband will appear. In other 

words 
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After propagation through the dispersive fiber we can write the electric fields of 

(B.6), (B.7) and (B.8) as 
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where the chromatic dispersion is given by (4.5). We write the PD current as 
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The terms generating current at the frequency of ±RF are given by 
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Then  
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So the transfer function can be written as 
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Assuming a CW optical input we can plot the microwave photonic link transfer 

function in (B.21) as a function of frequency. We note that the link transfer function H is 

equivalent to S21 which is a scattering parameter. As an example when the RF power 

applied to the first arm of the modulator is 3-dB stronger than the RF power applied to 

the second arm or in other words v=1/√2 the transfer function is plotted as solid line in 

Fig. B.1. Similarly the transfer function is plotted as dashed line when the RF power 

applied to the second arm of the modulator is 3-dB stronger than the RF power applied to 

the first arm.  

 
Fig. B.1  Transfer functions when RF power applied to the first arm 3-dB stronger and 

weaker than RF power applied to the second arm in solid and dashed lines respectively. 

 

The result is closely relates to fading effect well known in microwave photonic 

links [80]. The RF tones generated from the beat between sidebands and the carrier 

undergo different amount of chromatic dispersion resulting in a frequency dependent 
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interference. This interference appears as an amplitude variation in the transfer function 

that its swing relates to the relative intensity of two sidebands. This variation becomes 

faster for higher frequencies since the chromatic dispersion is quadratically dependent on 

frequency. 

Now we plot the transfer function when the contribution of the second arm optical 

power at the output is 3-dB weaker than the one from the first arm, or in other words 

m=1/√2, as solid in Fig. B.2. Similarly we plot the transfer function when the 

contribution of the second arm optical power at the output is 3-dB stronger than the one 

from the first arm as dashed line. 

 
Fig. B.2  Transfer functions when optical power in the second arm is 3-dB weaker and 

stronger in solid and dashed lines respectively.  

 

Now we plot the transfer function when the phase difference between the RF 

signals applied to the two arms is 100 degrees, or in other words v=5, as solid in Fig. 

B.3. Similarly we plot transfer function when the phase difference between the RF signals 

applied to the two arms is 80 degrees, or in other wordsv=4as dashed line. The 

transfer function illustrates similar effect as in Fig. B.3 for biasing the modulator away 

from a quadrature point.  
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Fig. B.3  Transfer functions when the RF signals have 100 and 80 degrees phase 

difference in solid and dashed lines respectively.  

 

Further we simulate the maximum amplitude variation across the transfer function 

of microwave photonic link versus the errors. Fig. B.4 shows the maximum variation in 

the transfer function in dB as a function of RF power imbalance applied to the arms of the 

dual-drive modulator.  

 
Fig. B.4  Maximum transfer function variation vs. RF power imbalance applied to the 

arms of the dual-drive modulator.  

 

Similarly Fig. B.5 shows the maximum variation in the transfer function in dB as 

a function of the phase difference between RF signals applied to the arms of the dual-

drive modulator. 
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Fig. B.5  Maximum transfer function variation vs. phase difference between RF signals 

applied to the arms of the dual-drive modulator.  

 

In the next step we measure the hybrid scattering parameters and we use these 

parameters to find the frequency dependent amplitude imbalance between two electrical 

signals, v and phase difference between two electrical signals v. We use a VNA to 

measure the scattering parameters from the input to each of the output ports while the rest 

of the ports are terminated with matched loads. The black and grey plots in Fig. B.6 show 

the amplitudes of transmission from the input to the 0 and 90-degree ports of the hybrid 

respectively. As we expect over the frequency range of 1 to 12.4 GHz the hybrid 

transmission closely equals to -3 dB.   

 
Fig. B.6  Amplitude frequency responses of hybrid’s 0 and 90-degree ports in black and 

grey respectively.   
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In Fig. B.7 we plot the nonlinear part of scattering parameters’ phases. The black 

and grey plots show the phases of transmission from the input to the 0 and 90-degree 

ports of the hybrid respectively. As we expect over the frequency range of 1 to 12.4 GHz 

the phase difference between ports remains about 90 degrees.   

 
Fig. B.7  Phase frequency responses of hybrid’s 0 and 90-degree ports in black and grey 

respectively.   

 

Now we measure the RF photonic link transfer function. We use a CW laser 

connected to the modulator which is driven by the 90-degree hybrid. The output is 

dispersed through a 60-km SMF and after amplification in an EDFA the output is 

detected using a PD. The transmission shown in Fig. B.8 is measured using a VNA.  

 
Fig. B.8  Measured transfer function of the microwave photonic link with 60-km SMF. 

 

We note that the dips at 15 and 18.5 GHz are the signatures of DSB modulation 

with fading effect. For frequencies out of 1 to 12.4 GHz the performance of hybrid 
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degrades significantly which results in unbalanced DSB modulation. Each of the 

sidebands experiences different amount of phase due to the chromatic dispersion and as a 

result the addition of generated tones is frequency dependent as predicted by (B.21). We 

also note that the overall roll-off of the transfer function is due to the modulator roll-off. 

Assuming the modulator is biased at a quadrature point and its arms are ideally 

balanced, we can simulate the impact of errors in the amplitude and phase responses of 

the hybrid on the microwave photonic link frequency response. Fig. B.9 shows the 

microwave photonic link transfer function calculated by using (B.21) and substituting for 

the measured phase and amplitude of the hybrid. As we expect the transfer function is 

quite flat over the frequency range of 1 to 12.4 GHz which is the operating frequency 

range of the hybrid. We notice that the location and depth of the dips in Fig. B.9 agree 

very closely with the ones in Fig. B.8.  

 
Fig. B.9  Simulated transfer function of the microwave photonic link with 60 km SMF 

using the measured hybrid scattering parameters. 

 

We finally note that although we carried out our derivation, measurement and 

simulation of transfer function for a single CW laser input, the total transfer function of 

the microwave photonic filter in an unbalanced SSB modulation will be the 

multiplication of the transfer functions derived in (B.21) and (4.11).  
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C.  Derivation of Radio Frequency Photonic Filters Gain 

 

 

 
Here we provide the derivation of microwave photonic filters’ gain discussed in 

chapter four. Although we will carry out the derivations for a single optical tone as a 

source rather than an optical comb, we can show that the RF gains derived in this 

appendix correspond to the maximum peak of the filter passband where the powers of all 

taps constructively add in-phase.  

 
Fig. C.1  Model for microwave photonic filter based on an IM. 

 

Fig. C.1 shows our model for a filter configuration based on an IM. An RF tone 

with power of PRF with an angular frequency of RF is driving an IM which is biased at a 

quadrature point, Vbias=V/2 where V is the half-wave voltage. We write the input 

electrical signal into the modulator as  

 )cos()( tVtv RFRFin   (C.1) 

An optical source with an optical power of PS is connected to an optical pulse 

shaper with an optical loss of LPS and then its output is amplified by an optical amplifier 

with a gain of GA. We write the electric field of the optical source with an angular 

frequency of  as 

 
tj
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We assume the modulator optical insertion loss is LM. Then we can write the 

optical output of the modulator as  
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This can be simplified to the first order as 
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Now we assume the fiber optical loss is LF and its chromatic dispersion is given 

by (4.5). Then we write the optical input to the PD as 
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Therefore we can write the PD current at the frequency of RF as 
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where  is the responsivity of the PD. As we notice the amplitude of current is frequency 

dependent. For an impedance matched output the electrical output power at the frequency 

of RF=0 is given by 
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Therefore the photonic link RF gain can be expressed in dB as 
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where Idc is the total average photocurrent at the PD. This derivation precisely agrees with 

an RF photonic link gain parameter [67].  

Now we derive the gain for microwave photonic filters based on SSB modulation 

scheme demonstrated in chapter four.    

 
Fig. C.2  Model for microwave photonic filter based on a dual-drive modulator. 
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An RF tone with power of PRF with an angular frequency of RF is split into two 

RF signals with 90 degree phase difference. Assuming an ideal hybrid the loss from input 

port to the output ports equals to 3 dB. Each of the two outputs is driving one arm of the 

dual-drive modulator which is biased at a quadrature point, Vbias=V/2. We can write the 

input electrical signal into the 90-degree hybrid as  

 )cos()( tVtv RFRFin   (C.9) 

Then we can write the RF electrical signals to arms of modulator as 
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We assume the optical source electric field similar as before. Then we can write 

the optical output of the modulator as  
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This can be simplified to the first order as 
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Now the optical input into the PD can be written as 
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Then we can write the PD current at the frequency of RF as 
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For an impedance matched output the electrical power in the first harmonic at the 

output is given by 
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As we notice the electrical power in the first harmonic derived in (C.16) exactly 

equals to the electrical power found in (C.6). Hence the RF photonic link gain for a SSB 

modulation also is given by (C.8). 

Now we derive the gain for tunable RF photonic filters based on interferometric 

scheme demonstrated in chapter four. As it shown in Fig. C.3 we model the DPSK 

demodulator as an ideal optical filter which only suppresses the carriers in the modulated 

path. Therefore at the PD the sidebands from the modulated path and the comb lines in 

the delayed path beat. Here we assume 3-dB optical splitter and coupler which result in 

the maximum RF photonic gain. 

 
Fig. C.3  Model for tunable RF photonic filter based on SSB modulation and 

interferometric scheme.  

 

Similarly we can write the optical output of the modulator as  
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This can be simplified to the first order as 
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After the optical filter we assume the carriers are thoroughly suppressed. Hence its 

output can be written as 
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Now we can write the optical input into the PD as 
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Then we can write the PD current at the frequency of RF as 
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Similarly the electrical power in the first harmonic at the output is given by 
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Therefore the RF photonic link gain can be expressed in dB as 
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which is 6+10log10LM dB lower than the RF photonic gain derived in (C.8). 

We derive the gain for tunable RF photonic filters based on an IM biased at its 

minimum transmission in the interferometric scheme demonstrated in 4.6 shown in Fig. 

C.4. The IM is biased at its minimum transmission which results in a balanced DSB 

modulation with carrier suppression.  

 
Fig. C.4  Model for tunable RF photonic filter based on IM and interferometor.  

 

Similarly we can write the optical output of the modulator as  
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This can be simplified to the first order as 
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Now we can write the optical input into the PD as 
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Then we can write the PD current at the frequency of RF as 
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We can rewrite (C.27) as 
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We notice that two sine terms in brackets have a phase argument dependent on 

delay  with an opposite sign. Each of those terms contributes to a different bandpass as 

derived in (4.26). Hence the electrical power in the first harmonic at the output 

contributing to one passband is given by 
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Therefore the RF photonic link gain can be expressed in dB as 
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which is 12+10log10LM dB lower than the RF photonic gain derived in (C.8). 
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D.  Simulation of Apodized Multitap Filters  

 

 

 

Here we briefly discuss simulation results based on the theoretical transfer 

function (4.11) calculated numerically in MATLAB and investigate the impact of 

apodization of tap weights on filter parameters such as SLS and 3-dB BW. To 

demonstrate the potential of these filters to achieve high SLS, we simulate the transfer 

functions of filters with two tap weight apodizations. We assume the comb source 

spacing equals to 10 GHz at 1550 nm with 100 comb lines and we assume a perfect SSB 

modulation. We choose the length of dispersive fiber such that we can obtain 100-ps 

delay spacing between taps. 

First we assume that the comb spectral lines have a uniform intensity or in other 

words the tap weights are equal which is plotted in Fig. D.1(a). The simulated bandpass 

filter is shown in grey line in Fig. D.1(c). The center of bandpass filter is set at 2.5 GHz 

by applying an incremental phase across taps in steps of /2.  

As we expect the filter has the shape of a sinc function with about 13-dB SLS. 

Now we apodize the comb source by a Gaussian profile plotted in Fig. D.1(b). We note 

that the optical power of the combs in Fig. D.1 (a), (b) are set equal. We assume that the 

extinction between the strongest line (center of the comb) to the weakest line (edges of 

the comb) is 20 dB which we can easily achieve by programming SLM in the line-by-line 

optical pulse shaper. The filter transfer function is given in black line in Fig. D.1(c) which 

illustrates SLS as large as 58 dB.  
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Fig. D.1  (a) Flat comb. (b) Gaussian apodized comb. (c) Simulated filter transfer 

functions for flat and Gaussian tap profiles in grey and black lines respectively. 
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Now we simulate the 3-dB BW and SLS as a function of maxline-to-minline 

extinction which we define it as the extinction between the strongest line to the weakest 

line for a comb apodized with a Gaussian profile. The simulation results are shown in 

Fig. D.2. As we notice by increasing the maxline-to-minline extinction in logarithmic 

scale, the SLS increases linearly in logarithmic scale and the FWHM of filter passband 

also increases linearly in linear scale.  

 
Fig. D.2  SLS and 3-dB BW as a function of maxline-to-minline extinction of a Gaussian 

apodized comb with 100 lines. 

 

Depending on the application, different filter properties might be of interest. Here 

we define suppression points at one and half times of the filter FWHM away from the 

bandpass center. This property identifies the sharpness of the filter or in other words the 

slope of the filter at the band edges.  

 
Fig. D.3  SLS for >1.5FWHM away from the bandpass center and 3-dB BW as a function 

of comb maxline-to-minline extinction. 
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We consider a Gaussian apodized comb with 32 lines. We calculate the SLS for 

>1.5FWHM away from the bandpass center and the FWHM versus the maxline-to-

minline extinction which is shown in Fig. D.3.       

As we notice the maximum suppression is about 36 dB at which the 3-dB BW 

equals to 404 MHz and the maxline-to-minline extinction is 10.5 dB. The corresponding 

filter transfer function is plotted in Fig. D.4. 

 
Fig. D.4  The filter transfer function for Gaussian apodized comb with maxline-to-

minline extinction of 10.5 dB and 32 lines. 

 

Therefore we conclude that an arbitrary SLS can not be achieved by arbitrarily 

increasing the maxline-to-minline extinction for a finite number of comb lines. To further 

investigate this behavior we find the SLS for >750 MHz away from the bandpass center 

and the corresponding 3-dB BW as a function of the number of comb lines.  

 
Fig. D.5  SLS for >750 MHz away from the bandpass center and the corresponding 3-dB 

BW as a function of minimum required number of lines. 
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Here we also assume the comb is Gaussian apodized; however, we set the 

maxline-to-minline extinction such that we achieve the maximum SLS. The simulation 

results are illustrated in Fig. D.5. We note that for 48 lines with a 21-dB maxline-to-

minline extinction we can achieve 60-dB suppression for >750 MHz away from the 

bandpass center which has a corresponding 3-dB BW of 354 MHz. 
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